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Pulsewidth-modulated (PWM) rectifier technology is increasingly used in industrial
applications like variable-speed motor drives, since it offers several desired features such as
sinusoidal input currents, controllable power factor, bidirectional power flow and high quality
DC output voltage. To achieve these features, however, an effective control system with fast
and accurate current and DC voltage responses is required. From various control strategies
proposed to meet these control objectives, in most cases the commonly known principle of the
synchronous-frame current vector control along with some space-vector PWM scheme have
been applied. Recently, however, new control approaches analogous to the well-established
direct torque control (DTC) method for electrical machines have also emerged to implement a
high-performance PWM rectifier.

In this thesis the concepts of classical synchronous-frame current control and DTC-based PWM
rectifier control are combined and a new converter-flux-based current control (CFCC) scheme
is introduced. To achieve sufficient dynamic performance and to ensure a stable operation, the
proposed control system is thoroughly analysed and simple rules for the controller design are
suggested. Special attention is paid to the estimation of the converter flux, which is the key
element of converter-flux-based control. Discrete-time implementation is also discussed.

Line-voltage-sensorless reactive reactive power control methods for the L- and LCL-type line
filters are presented. For the L-filter an open-loop control law for the d-axis current reference is
proposed. In the case of the LCL-filter the combined open-loop control and feedback control is
proposed. The influence of the erroneous filter parameter estimates on the accuracy of the
developed control schemes is also discussed.

A new zero vector selection rule for suppressing the zero-sequence current in parallel-connected
PWM rectifiers is proposed. With this method a truly standalone and independent control of the
converter units is allowed and traditional transformer isolation and synchronised-control-based
solutions are avoided. The implementation requires only one additional current sensor.

The proposed schemes are evaluated by the simulations and laboratory experiments. A
satisfactory performance and good agreement between the theory and practice are
demonstrated.

Keywords: PWM rectifier, voltage source converter, current control
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� phase rotation operator, 32je=� , amplitude

� system matrix of the state-space model
� input matrix of the state-space model
� space vector scaling constant
�0 scaling constant of the zero-sequence component of the space

vector
- filter capacitance of the LCL-filter
-dc filter capacitance of the DC voltage link
	 output matrix of the state-space model
� disturbance vector
� error signal

 error signal vector
� frequency
. transfer function
.�� transfer function of the reference transformation from q-axis

voltage to converter active power

.�ψ transfer function of the reference transformation from d-axis

voltage to converter flux modulus
) transfer function matrix

 current, index

load load current drawn from the DC voltage link
� controller state vector
/ Laplace transformed current, RMS-value of current
+ identity matrix
0 index
� sample index
�� sensitivity coefficient
�i gain of the integral part (non-interacting form)
�p gain of the proportional part (non-interacting form)
�� adaptation coefficient

�ψ correction gain

�ψ0 base value of the correction gain

1p proportional gain of the PI controller (standard form)
� inductance
2p maximum overshoot
� positive integer, number of parallel units
�� number of outputs
� power, active power, polynome

�3 scaled value of active power, )3/()2( sω�� =′

4 reactive power



43 scaled value of reactive power, )3/()2( sω44 =′

� converter current reference vector
� resistance
�a active resistance
� apparent power, Laplace transform variable, sector index
�! phase switching function
�!3 symmetric part of the phase switching function
� RMS-value of apparent power
� time
�5 time as an integration variable

∆� short time period, minimum possible tracking time

�e electrical torque

∆�e difference between reference and estimated electrical torque

�r rise time
�s settling time
� period of the line voltage
�i integral time of the PI controller (standard form)
�LCL time constant of the lowpass filter used in line current estimation
�s sampling period
�1 time constant of the lowpass filter used in converter flux correction

�α time constant of the first-order model for the closed-loop current

control
� voltage, filter input signal
� input vector of the state-space model

∆�1d output of the d-axis current PI controller

∆�1q output of the q-axis current PI controller

	 Laplace transformed voltage, RMS-value of voltage
- input vector of the transfer function matrix representation
� inner feedback gain matrix
# phase variable of the general three-phase system, lowpass filter

output, general quantity
#dc state of the DC voltage controller
� state vector of the state-space model
 output vector of the state-space model
, output vector of the transfer function matrix representation
6-1 unit delay

α angle of the general space vector #s from the real axis of the

stationary reference frame, design parameter of internal model
control method

γ angle of the stator flux linkage space vector and the converter flux

space vector from the real axis of the stationary reference frame



δ phase shift angle between the line voltage and the fundamental

component of the AC voltage of the PWM rectifier (power angle)

ε absolute value of the difference between the lowpass-filtered and

unfiltered values of the scalar product of the converter flux vector
and the converter current vector, relative error

θ phase angle

θxy angle of the real axis of the xy-coordinates from the real axis of the

stationary reference frame

κ sector index

ξ angle of the converter flux vector inside a sector

τ logical output of the torque comparator

φ phase shift angle, logical output of the flux comparator

ϕ phase margin

χ angle between the converter flux vector and the virtual line flux

vector

ψs stator flux linkage

∆ψ difference between reference and estimated stator flux linkage

modulus

ψ1 converter flux

ψ2 virtual line flux

ω angular frequency

∆ω slip angular frequency of the converter flux vector

ωB bandwidth

ωc crossover frequency

ω0 cut-off frequency

�������"��
0 zero-sequence component, initial value, operation point
1 rectifier side quantity
2 line side quantity

a phase a
A allpass portion
b phase b
base base value
c phase c, controller
cl closed-loop
- capacitor of the LCL-filter
corr correction
d direct axis component in synchronous reference frame, decoupled

system
dc DC voltage link



dd transfer function between d-axis quantities
diag diagonal
dis disturbance
dq transfer function from d-axis quantity to q-axis quantity
err error
f ordinary series controller
ff feedforward
filt filtered value
g general reference frame

 current control
load load
loss losses
� inductance
L lowpass filter, L-filter
LCL LCL-filter
m model
max maximum
min minimum
M minimum-phase portion
n nominal
pu per-unit
PI PI controller
q quadrature axis component in synchronous reference frame
qd transfer function from q-axis quantity to d-axis quantity
qq transfer function between q-axis quantities
ref reference value
res resonance
s supply voltage, stator
sc short-circuit
sw switching
tot total
x real axis component in xy reference frame
y imaginary axis component in xy reference frame

α real axis component in stationary reference frame

β imaginary axis component in stationary reference frame

��"
�����"��
CFO quantity in converter-flux-oriented synchronous reference frame

d+, d− positive, negative d-axis component

fb feedback
g general reference frame
LFO quantity in line-flux-oriented synchronous reference frame



ol open-loop

q+, q− positive, negative q-axis component

s stationary reference frame
xy xy reference frame

%�.
���
����
��
� matrix

#̂ estimated value of #, peak value of #

# space vector
*# complex conjugate of space vector

#~ perturbation signal #, disturbance signal #

# limited value of #

���
� !�
ABS ABSolute value
AC Alternating Current
CFC Converter-Flux-based Control
CFCC Converter-Flux-based Current Control
CFM Converter-Flux-based Modulator
CFO Converter Flux Orientation
DC Direct Current
DFT Discrete Fourier Transform
DPC Direct Power Control
DPF Displacement Power Factor
DSP Digital Signal Processor
DTC Direct Torque Control
EMF Electromotive Force
GTO Gate Turn Off (thyristor)
IGBT Insulated Gate Bipolar Transistor
IGCT Integrated Gate Controlled Thyristor
IM Induction Motor
IMC Internal Model Control
I/O Input/Output
LFO Line Flux Orientation
LPF LowPass Filter
P Proportional
PC Personal Computer
PCFF Predicted Current Control with Fixed switching Frequency
PCS Power Conditioning System
PF Power Factor
PI Proportional Integral
PID Proportional Integral Derivative



PLL Phase Locked Loop
PMSM Permanent Magnet Synchronous Machine
PW PulseWidth
PWM PulseWidth Modulation
RHP Right-Half-Plane
SCR Short-Circuit Ratio
SCVM Statically Compensated Voltage Model
SVL Space Vector Limit method
THD Total Harmonic Distortion
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An intensive research in the area of variable-speed AC drives has been carried out over the last

four decades. For a long time the emphasis of the research has been put on the motor inverter

and its control, while the AC to DC rectification has been accomplished by an uncontrollable

diode rectifier or a line commutated phase controlled thyristor bridge. Although both these

converters offer a high reliability and simple structure they also have major inherent drawbacks.

The output voltage of the diode rectifier cannot be controlled and the power flow is

unidirectional. Furthermore, the input current of the diode rectifier has a relatively high

distortion. By controlling the firing angle, the DC voltage of the thyristor bridge can be

regulated. Also power flow from the DC side to the AC side is possible, but because the

polarity of the DC voltage must be reversed for this to occur, a thyristor bridge is not a suitable

rectifier for applications where a fast dynamic response is required. In fact, the DC voltage

polarity change is not even allowed due to the electrolytic capacitors typically used in the DC

link of a voltage source converter. By connecting two thyristor bridges antiparallel,

bidirectional power flow is possible without DC voltage polarity reversal, but, as a result, the

number of the power switches is doubled. In addition, the power factor of the thyristor bridge

rectifier decreases when the firing angle increases and the line current distortion can be an even

worse problem than that of the diode rectifier.

During the past twenty years the interest in rectifying units has been rapidly growing mainly

due to the increasing concern of the electric utilities and end users about the harmonic pollution

in the power system. As a result, pulsewidth-modulated (PWM) rectifiers have been of

particular interest and they have become attractive especially in industrial variable-speed drive

applications in the power range from a couple of kilowatts up to several megawatts. This is

partly due to the reduced costs and improved performance of both the power and control

electronics components but most of all due to the numerous benefits the using of the PWM

rectifiers offers. For example, the following items are given by Ollila (1994) and Ollila (1997):

− Nearly sinusoidal input current with unity power factor

− Bidirectional power flow

− Controllable DC link voltage

− Controllable reactive power

− Insensitivity to line voltage variations due to closed-loop DC voltage control

− Transformer and cable cost reduction due to unity power factor operation
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Although the harmonic content of the input current is dependent on the size and type of the line

filter, switching frequency, selected control and modulation schemes and the waveform of the

line voltage, the total harmonic distortion (THD) of the input current of the PWM rectifier is

typically less than 5 % (Ollila, 1995; Rastogi et al., 1994). As a utility interface of the variable-

speed drive or the common DC link of multiple inverters, the primary control objective of the

PWM rectifier is the regulation of the DC voltage while the unity input power factor is usually

desired. On the other hand, the controllable reactive power gives also a possibility to use the

PWM rectifier to either supply or absorb the reactive power and therefore to improve the

overall power factor in industrial facilities. If the compensation is further extended to the active

and reactive power associated with the harmonics produced by nonlinear loads, the PWM

rectifier is called to operate as an active filter. PWM rectifiers have understandably a limited

reactive power compensation capability, which depends on the level of the DC voltage, the

maximum current rating of the rectifier, the actual active power being supplied and the

parameters of the line filter (Espinoza et al., 2000; Espinoza et al., 2001).

The fact of bidirectional power flow being possible is a very important feature not only because

it permits the regenerative braking of the motor drive, but because it also extends the

application area of the PWM rectifier to the field of the energy conversion. In this field the

PWM rectifier is typically used as an utility interface converting the fluctuating output voltage

of the primary source of electrical energy to standard voltage. If the system is also capable of

island operation it is then often referred to as a power conditioning system (PCS), e.g.

(Tarkiainen et al., 2003). Applications including wind mill and microturbine driven generators,

solar arrays and fuel cells as primary energy sources are already or will in the near future be at

commercial stage.

Besides the DC voltage control makes the output voltage of the PWM rectifier almost

insensitive to line voltage and load variations, it also means that the field weakening point of

the motor drive can be increased to some extent with a higher DC voltage. As a result, the

motor can produce a higher torque in the field weakening range compared to a drive with a

diode bridge rectifier.

�/�� %�
���
0�
���
����
��
���
������
�����
�

A typical voltage source PWM rectifier configuration is shown schematically in Fig. 1.1. It

consists of three parts: line filter, rectifier bridge and DC voltage link. Series inductors, which

are so-called L-filters, are the most commonly used line filters. Also the LCL-topology,

illustrated in Fig. 1.2, has lately become popular due to its higher attenuation above the
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resonance frequency and better line voltage disturbance rejection capability compared to the L-

filter. The purpose of the line filter is to attenuate the current ripple produced by PWM

switching and, at the same time, to act as an energy storage for voltage boost operation. The

inductance of the line filter inductor is denoted with �1.

The bridge circuit, which is identical to a conventional inverter bridge, is constructed of six

controllable power switches and antiparallel diodes. In low-voltage applications the power

switches are typically IGBTs with switching frequency from a few kilohertz to a few tens of

kilohertz. At medium-voltage levels GTOs or IGCTs are often used. The switching frequency

of these devices is typically a few hundred hertz.

The third part of the PWM rectifier is the DC voltage link, which consists of the filter capacitor

bank -dc. This capacitor bank can be shared with the inverter bridge. Symbols �dc and 
dc denote

the DC link voltage and the DC current of the converter, respectively. 
load is the current drawn

from the DC link by the load.

In order to get sinusoidal current waveforms on the AC side the six transistors are controlled in

a sinusoidal PWM manner to produce three converter phase voltages �1a, �1b and �1c. These

phase voltages consist of a fundamental component and switching harmonics. The harmonic

content of the phase voltages is strongly influenced by the modulation technique employed. The

relations of the magnitudes and phases of the fundamental components of the converter phase

voltages to the line phase voltages �2a, �2b and �2c together with the impedance of the line filter

determine the fundamental component of the line currents 
1a, 
1b and 
1c. There occur also

current harmonics produced by the corresponding harmonic voltage of the PWM rectifier, but

their magnitude is essentially reduced because the impedance of the line filter increases as the

frequency increases.

�1a

�1

�1b

�1c

�1a

�1b

�1c

�dc

�dc �load

�2a

�2b

�2c

�dc

Line filter Rectifier bridge DC voltage link
 

Fig. 1.1: Main circuit of a voltage source PWM rectifier with L-filter.



18

�
�a

�
�b
2b


2c

�2a

�2b

�2c


2a

�
�c

�1a

�1b

�1c


1b


1c


1a
�1�2

-

Fig. 1.2: Circuit diagram of an LCL line filter. It is also possible to arrange the filter capacitors in delta
connection. �1 and �2 denote the inductance of the converter side and line side inductors, respectively. 
2a,

2b and 
2c are the line side phase currents and ��a, ��b and ��c are the voltages of the filter capacitors -.

�/1� �"��
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�

The theory of space vectors was originally invented by Kovacs and Racz (1959) to analyse

transients in AC machines. However, space vectors are very useful for the analysing and

modelling of any three-phase system of voltages, currents or fluxes regardless if the three-phase

system represents an electrical machine or not.

Consider a general three-phase system, which rotates with the angular frequency ω and whose

instantaneous values of the phase quantities are expressed as

( ))()(cos)(ˆ)( aaa ���#�# φθ += (1.1)

( ))(32)(cos)(ˆ)( bbb ���#�# φθ +−= (1.2)

( ))(34)(cos)(ˆ)( ccc ���#�# φθ +−= (1.3)

where #̂  is the peak value of the phase quantity and the phase angle

( )∫=
�

����
0

’’)( ωθ . (1.4)

This system can be explicitly expressed with a complex space vector #s(�) and a real zero-

sequence component #0(�), which are defined as

[ ] )(j
c

2
ba

s e)()()()()( ��#�#���#�#��# α=++= (1.5)

[ ])()()()( cba00 �#�#�#��# ++= (1.6)

where 32je π=� and the superscript s indicates that the space vector is expressed in ����
����


�������������"�. α is the angle of the space vector from the real axis of the stationary reference
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frame. Coefficients � and �0 are scaling constants. They can be selected arbitrarily, but mostly �

= 2/3 and �0 = 1/3 are selected, giving the ���������������
��. If 32=�  and 310 =� , the

��!��� 
����
��� form of space vectors is achieved. The peak value scaling will be used

throughout this thesis except in per-unit-valued equations (see Appendix A), in which the

scaling coefficient is omitted.

Space vector (1.5) can also be expressed in a component form )(j)()(s �#�#�# +=  using the

following matrix relation





























−
=









)(

)(

)(

31310

313132
)(

)(

c

b

a

�#

�#

�#

�#

�#
. (1.7)

In a symmetric three-phase system the peak values and phase angles are equal implying that the

instantaneous phase components add up to zero

0)()()( cba =++ �#�#�# . (1.8)

Hence, the zero-sequence component can be omitted in the space vector analysis. Also in three-

phase three-wire systems, the zero-sequences can usually be neglected because the zero-

sequence voltage component does not produce zero-sequence current. Generally, however,

assumptions above cannot be made and the zero-sequence components must be treated

separately. This kind of situation is confronted with e.g. in parallel PWM rectifier system,

which is discussed in Section 4.

When the peak value scaled space vectors is used, the instantaneous value of the phase variable

is obtained as a sum of the projection of the space vector on the corresponding phase axis and

the zero-sequence component

{ } )()(Re)( 0

s

a �#�#�# += (1.9)

{ } )()(Re)( 0

s1
b �#�#��# += − (1.10)

{ } )()(Re)( 0

s2
c �#�#��# += − . (1.11)

In matrix form these transformations from two-phase system to three-phase system is given by
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































−−
−=

















)(

)(

)(

12321

12321

101

)(

)(

)(

0c

b

a

�#

�#

�#

�#

�#

�#

. (1.12)

������ �

�
���	��	�����
���	�
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It is often reasonable to express the space vector in some other coordinate system than the

stationary reference frame. The transformation from the stationary to a general coordinate

system is given by

)(jsg ge)()( ��#�# θ−=  (1.13)

where θg is the phase angle of the general reference frame with respect to the real axis of the

stationary reference frame. If the general coordinate system rotates with the same angular

frequency ωs as the three-phase system, a coordinate system called �
���������� ���������

���"�) �
���������� �����
������ or �47�����
����� is obtained. This coordinate system is

particularly useful in the case of the PWM rectifier because in steady-state space vector

quantities become constant.

The transformation from the stationary to the synchronous coordinates, which is also known as

dq-transformation, is thus

)(js e)()( ��#�# θ−= (1.14)

where θ is the phase angle of the synchronous reference frame with respect to the real axis of

the stationary reference frame and it is calculated from (1.4). If the angular frequency ω of the

synchronously rotating reference frame is constant, the coordinate transformation (1.14) can be

written

��#�# ωjs e)()( −= . (1.15)

In this thesis space vectors in synchronous coordinates are denoted without any superscript as

given in the left-hand side of Eqs. (1.14) and (1.15).

The component form of the synchronous coordinates space vector is traditionally expressed as

)(j)()( qd �#�#�# += (1.16)
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where subscripts d and q refer to the direct and quadrature axis of the synchronous reference

frame respectively. Splitting Eq. (1.14) into its real and imaginary parts yields the matrix

relation
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The reverse transformation from the synchronous coordinates to the stationary coordinates is

calculated as

)(js e)()( ��#�# θ= (1.18)

or directly

��#�# ωjs e)()( = (1.19)

if the synchronous coordinates rotates with the constant angular speed.

As a scalar variable, zero-sequence component #0 is independent of the coordinate system and

therefore the coordinate transformation is unnecessary.
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The instantaneous power �(�) of a three-phase system is equal to the sum of the instantaneous

powers produced by each of the three phases

)()()()()()()( ccbbaa �
���
���
���� ++= . (1.20)

Expressing the phase voltages and currents in (1.20) with Eqs. (1.9)−(1.11), the instantaneous

power can be given in terms of the space vectors and quadrature components of the voltages

and currents as
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where the space vectors are denoted without the time variable for the simplicity.

Because the instantaneous power is independent of the coordinate system (1.21) can also be

written using space vectors in the synchronous reference frame
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The instantaneous apparent power �(�), which is also called complex power, is defined in terms

of the voltage and current space vectors as

)(j)(
2

3

2

3
)( **ss �4��
�
��� +=== (1.23)

where �(�) and 4(�) are the instantaneous active and reactive power respectively. The

instantanenous reactive power is thus defined by the imaginary component of �

{ } ( )*ss
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3
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��4 −== . (1.24)

Eq. (1.24) can also be expressed in terms of the quadrature components of the synchronous

reference frame as
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If the components of the voltage and the current space vectors in (1.24) are expressed with the

phase quantities according to (1.12), the following equation for the instantaneous reactive

power may be derived

( ) ( ) ( )[ ]cbabacacb
3

1
)( 
��
��
���4 −+−+−= . (1.26)

If the terms of  Eq. (1.26) are grouped according to the phase voltages, we have

( ) ( ) ( )[ ]bacacbcba
3

1
)( 

�

�

��4 −+−+−−= . (1.27)

When per-unit values are used, the scaling constant 3/2 is omitted in the space vector forms of

the power equations.

For more thorough discussion about the concept of the instantaneous reactive power, see e.g.

(Akagi et al., 1984; Peng and Lai, 1996; Valouch, 2000).
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The dynamic model of the three-phase voltage source PWM rectifier consists of models of the

AC and DC side filters and equations to link them. These equations linking the AC and DC side

describe the function of the rectifier bridge. In order to simplify the mathematical handling of

three-phase systems the space-vector representation of three-phase quantities given in Section

1.2 is used. Line filters are also replaced with their single-phase equivalent circuits given in Fig.
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1.3. Filter inductors and capacitors are modelled as a series connection of ideal part and

parasitic resistance.
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Fig. 1.3: Single-phase equivalent circuit of a) L-filter and b) LCL-filter. �1, �2 and �� denote the space-
vectors of the converter voltage, the line voltage and the LCL-filter capacitor voltage, respectively. Note,
that �� is defined as the voltage over the pure capacitive element.

According to the equivalent circuits in Fig. 1.3 the differential equation for the L-filter in the

stationary reference frame is written as
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For the LCL-filter the following three equations can be formed
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In the undamped LCL-filter the equivalent series resistance �� of the filter capacitor is usually

negligible small and therefore it can be left out of the model. Sometimes, however, there may

be significant damping resistors connected in series with the filter capacitors to attenuate the

resonance peaks of the LCL-filter frequency response. This type of line filter is often referred to

as LCLR-filter.
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In Fig. 1.4 the magnitude response )j(/)j( s

1

s

1 ωω 	/  for an L-filter and )j(/)j( s

1

s

2 ωω 	/  for

LCL- and LCLR-filters having the same amount of total inductance and resistance are shown.

In the case of the LCLR-filter the series resistance of the capacitor branch �� = 0.5 Ω is used.
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Fig. 1.4: Magnitude response )j(/)j(
s

1

s

1
ωω ��  for L-filter and )j(/)j(

s

1

s

2
ωω ��  for LCL- and LCLR-

filters. The parameters of the L- and LCL-filters are: �1 = 2 mH, �1 = 0.1 Ω and �1 = �2 = 1 mH, �1 = �2

= 0.05 Ω, �� = 0 Ω, - = 100 µF, respectively. In the case of the LCLR-filter �� = 0.5 Ω is used. Note the
resonance peak at the frequency �res ≈ 700 Hz.

Expressing the stationary coordinates voltage and current space-vectors in (1.28) with

synchronous coordinates vectors using (1.19) yields
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which is simplified to
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By separating the real and imaginary parts of (1.33) the component form equations of the L-

filter model in synchronous coordinates are obtained as
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Similarly, the equations of the synchronous reference frame model for the LCL-filter in

component form are given by
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Next, the equations of the voltage source PWM rectifier, which link the AC and DC side, are

derived with help of the three-switch network representation of the bridge shown in Fig. 1.5.

We also define the phase switching function �!a,b,c so that it has value of +1/2 when the switch

is connected to the positive potential of the DC voltage link and –1/2 when the switch is

connected to the negative potential of the DC voltage link. The reference point of the potentials

is fixed to the midpoint of the DC voltage link, which is assumed to stay balanced.

�1a

�1b

�1c

�dc �load

�dc

0

��a

��b

��c

��dc

��dc

Fig. 1.5: Three-switch network of voltage source PWM rectifier bridge.
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The phase voltages of the rectifier bridge can be expressed with the help of the DC voltage and

the phase switching function as

dcaa1 ��!� = (1.42)

dcbb1 ��!� = (1.43)

dccc1 ��!� = . (1.44)

According to definitions (1.5) and (1.6) these can be expressed in the space vector form as

dc

ss

1
��!� = (1.45)

dc00 ��!� = (1.46)

where �!s is the space vector of the switching function, which is also called switching vector, in

stationary reference frame and �!0 is the zero sequence component of the switching function.

Eight possible switching states result in seven different values of the switching vector and four

different values of the zero-sequence component as given in Table 1.1 (Ollila, 1993). Fig. 1.6

shows the voltage space vectors of the PWM rectifier in the αβ0-reference frame (Verdelho,

1997) and in the more conventionally used αβ-reference frame.

With quadrature components (1.45) can be written in the stationary reference frame as

( ) dc11 jj ��!�!�� +=+ (1.47)

and in the synchronous reference frame as

( ) dcqdq1d1 jj ��!�!�� +=+ . (1.48)

Table 1.1: Switching function space vectors and zero-sequence components of the voltage source PWM
rectifier with different switching function combinations (Ollila, 1993). The corresponding voltage space
vectors are added to the table.

�!a �!b �!c �!s �!0 �s

-1/2 -1/2 -1/2 0 -1/2 �0

1/2 -1/2 -1/2 2/3ej0π/3 -1/6 �1

1/2 1/2 -1/2 2/3ej1π/3 1/6 �2

-1/2 1/2 -1/2 2/3ej2π/3 -1/6 �3

-1/2 1/2 1/2 2/3ej3π/3 1/6 �4

-1/2 -1/2 1/2 2/3ej4π/3 -1/6 �5

1/2 -1/2 1/2 2/3ej5π/3 1/6 �6

1/2 1/2 1/2 0 1/2 �7
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Fig. 1.6: Voltage space vectors of the PWM rectifier in the a) αβ0- and b) αβ-reference frame. In b) the
division of the complex plane into six sectors κ = 1…6 is also shown.

Assuming that no losses occur and that there are no energy storage devices in the bridge the

expression of the DC side current 
dc of the PWM rectifier can be derived from the AC and DC

side power balance equation (Weinhold, 1991; Ollila, 1993)
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Expressing the rectifier voltage vector and the zero sequence voltage in (1.49) with the help of

the switching function and the DC voltage, the following equation for the DC current 
dc of the

rectifier is obtained
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The DC current is independent of the reference frame so (1.50) can also be written using the

vectors in synchronous coordinates
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To complete the dynamic model of the PWM rectifier the model of the DC voltage link is

needed. According to Fig. 1.1 the DC voltage of the PWM rectifier is given by

loaddc
dc

dc 
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��
- −= . (1.52)
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The above introduced equations provide sufficient information for the dynamic analysis and

time domain simulation of the PWM rectifier. Brief descriptions of the simulators used in this

work are given in Appendix C.
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In this section, fundamental principles of previously documented control techniques of three-

phase two-level voltage source PWM rectifiers are discussed. The review is mainly limited to

those publications, in which the voltage source PWM rectifier is distinctly considered, even

though most of the results have been reported earlier for voltage source inverters of AC motor

drive applications.

The simplest control schemes of the PWM rectifiers are based on the steady-state power

equations, according to which the active power, and hence the DC voltage, are controlled by

adjusting the phase shift angle δ between the line voltage and the fundamental component of the

rectifier AC voltage. The phase shift angle δ is also sometimes referred to as power angle. The

desired value of the reactive power can be obtained by controlling the magnitude of the

fundamental component of the rectifier AC voltage with respect to the amplitude of the line

voltage. The fundamental principle of the power-angle-based control of the PWM rectifier is

illustrated in Fig. 1.7.

Joos et al. (1991) presented a control strategy, where the modulation index of the converter is

kept constant and the DC voltage is regulated in a closed-loop by adjusting the power angle δ

with a PI controller. The power factor is determined by the DC voltage reference and can be

maintained near to unity if the amplitude of the converter AC voltage is forced to be equal to

the line voltage amplitude. The disadvantage of the proposed control method is that if the

reactive power delivered or absorbed by the source is desired to be zero, the DC voltage

reference has to be changed as a function of the load and the line voltage amplitude because of

the fixed modulation index. On the other hand, according to Joos et al. (1991), the fixed

modulation index makes it possible to use a modulation scheme with selective harmonic

elimination.

Another approach based on the constant modulation index and the controlled power angle δ is

presented by Weinhold (1991). In this method, in contrast to the previous one, the DC voltage is

not controlled at all but it is allowed to be set freely according to the power balance between the

AC and DC sides. The phase shift angle δ is manipulated by a PI-type reactive power controller

such that under stationary conditions the unity input power factor is achieved. The claimed
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benefit of this approach is that under stationary conditions every switching operation is used for

the reduction of the line current distortion. The drawback of the control method is that a

switching frequency above 10 kHz is required to achieve sufficient dynamic performance.

Therefore, it can be concluded that this kind of control strategy is not very practical for

applications of industrial power range, where the switching frequency has to be limited to a few

kilohertz or even less due to switching power losses.
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Fig. 1.7: Principle of the power angle controlled PWM rectifier.

Power angle control strategies based on a variable modulation index are introduced by Green et

al. (1988) and Ooi and Wang (1990). With these strategies both active and reactive power can

be regulated independently and with practically constant DC voltage. In (Green et al., 1988) the

reference of the converter AC voltage vector is obtained from the DC voltage controller and

from the measured DC current of the rectifier. Synchronised operation with the line voltage is

implemented with a phase locked loop (PLL). In (Ooi and Wang, 1990) the PLL is avoided by

integrating it into the DC voltage regulator.

Although simplicity, easy implementation and minor measurement requirements are

characteristic qualities of the power-angle-based control strategies, the drawback is that

relatively large AC and DC side filters are usually required to ensure a stable operation.

Moreover, the performance of the control system is affected by the operation conditions and

therefore the controller has to be tuned according to the worst case. Consequently, only

moderate dynamical performance can be achieved.

DC voltage control of the PWM rectifier based on the direct determination of the converter

voltage vector reference can be improved by taking the dynamics of the AC and DC side filters

into account. Such a control strategy has been introduced by Ollila (1993) and (1994). The main
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idea is to calculate the converter voltage vector reference, which will cause the line current to

follow its reference formed with a PI-type DC voltage regulator. Current feedback is not used

and the influence of the DC voltage error in transients is compensated by dividing the

modulation references by the measured value of the DC voltage. With the proposed control

strategy it is possible to reduce the size of the DC link capacitor considerably compared to the

solutions based on the stationary state equations. On the other hand, Ollila discovered that

without current feedback the unsymmetricity and the harmonics of the line voltage as well as

the unidealities of the recifier bridge result in distortion of the line current waveform. Therefore,

a relatively large line filter has to be used.

In order to improve the line current waveform and further reduce the size of the passive

components of the PWM rectifier various feedback current control schemes have been

proposed. Among the earliest and the most popular methods to control the line current is the

three-phase hysteresis current control, the schematic of which is shown in Fig. 1.8a (Bühler,

1977; Brod and Novotny, 1985; Kulkarni et al., 1987; Ooi et al. 1987; Green and Boys, 1989).

Hysteresis current control is based on feedback loops with hysteresis comparators, which

directly produce the switching signals for the converter power devices when the error between

the reference and the actual value exceeds an assigned tolerance band. Phase current references

are generated using the waveform templates taken from the AC source and by multiplying them

by the output signal of the DC voltage controller. If the input power factor of the PWM rectifier

is wanted to be controlled, the current waveform templates can be processed to include an

appropriate phase shift angle.

The three-phase hysteresis current control has an extremely simple and robust structure and

excellent dynamic performance (Hava et al., 1995). Nevertheless, this control scheme has also

disadvantages such as varying and load-dependent switching frequency, wide line current

spectrum, poor utilisation of the converter zero voltage vectors and interaction between the

phases in three-phase three-wire systems. A number of proposals have been put forward to

overcome these problems. An adaptive tolerance band can be applied to achieve nearly constant

switching frequency (Bose, 1990). To decrease the switching frequency and to compensate the

phase interaction effect, the hysteresis current control based on space-vector approach, three-
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The problem of the varying switching frequency of the hysteresis current control can also be

solved with a ramp comparison current controller (Bühler, 1977; Brod and Novotny, 1985),

where three current controllers produce the voltage commands, which are compared with the
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triangular carrier signal in a sinusoidal PWM manner. Because the PI controllers operate on AC

signals there occur inherent amplitude and phase error between the sinusoidal reference and the

actual current. Also the slope of the voltage commands must be limited so that it never exceeds

the slope of the triangle carrier. The structure of the ramp comparison current controller is

shown in Fig. 1.8b.
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Fig. 1.8: Block diagrams of a) the hysteresis current control and b) the ramp comparison current control of
the PWM rectifier. In the block diagram of the hysteresis current control the outer control loop of the DC
voltage and the current reference generation are also illustrated.

In order to overcome the weaknesses of the ramp comparison current controller and to obtain

strictly controlled currents, the control schemes based on the space vector approach are usually

applied. Wu et al. (1988) proposed a predicted current control strategy with fixed switching

frequency (PCFF). The idea of the PCFF is to calculate the converter voltage vector command

that will force the line current vector to follow its reference within one switching period. The

calculated voltage vector command is then implemented with PWM. To determine the voltage

vector command information about the actual line current vector, the line voltage vector and the

line filter parameters is required. The current vector reference is produced by a DC voltage

feedback and a load current feedforward. A similar predictive current control strategy but

implemented with synchronous reference frame current regulators has been presented by

Habetler (1993).

Nabae et al. (1986) presented a current control scheme, which is very close to the predictive

current control but is, however, a look-up-table-based method. The discrete information about

the rough location of the converter voltage vector reference and the current error vector are the

inputs to the look-up table. The output of the table is the next optimal switching state, which

will reduce the current error either slowly, if a steady-state harmonic current suppression is

desired, or as fast as possible, if a quick current response in transient state is needed. The
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average switching frequency is kept constant by the controllable tolerance band of the current

error vector window comparator.

Maybe the most popular space-vector-based current control scheme of the PWM converters is

the synchronous current controller working in dq-coordinates, the block diagram of which is

shown in Fig. 1.9 (Bühler, 1977; Rowan and Kerkman, 1986; Hiti and Boroyevich, 1994; Hiti

et al., 1994; Zargari and Joós, 1995; Blasko and Kaura, 1997a). It uses two PI regulators to

control the current vector components defined in the rotating synchronous coordinates. The real

axis of the rotating reference frame is typically fixed to the line voltage space vector. Due to the

coordinate transformations, the current components to be controlled become DC quantities in

steady-state, and thus the integral action of the controllers is able to eliminate the steady-state

errors of the fundamental component. Also the DC voltage regulation is typically implemented

with a simple PI controller, the performance of which may have been improved employing the

load current feedfoward (Blaabjerg and Pedersen, 1993; Kim and Sul, 1993; Hiti and

Boroyevich, 1994). The synchronous current controller has also an equivalent counterpart in the

stationary reference frame with AC signals (Rowan and Kerkman, 1986).
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Fig. 1.9: Block diagram of the synchronous current control scheme in dq-coordinates. The real axis of the
synchronous reference frame is fixed to the line voltage space vector �2.

The performance of the synchronous-frame current regulators can be improved by using the line

voltage (or back-EMF) feedforward and the dq-axis decoupling (see e.g. Verdelho and

Marques, 1998). On the other hand, Choi and Sul (1998) suggested that the dq-axis cross-

coupling can also be utilised for the fast current reference tracking but without affecting the
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steady-state characteristics, which are similar to the conventional synchronous-frame PI control.

PI controllers can also be replaced by a state feedback controller, the gain matrix of which can

be derived by utilising either the pole assignment technique (Guo, et al., 1994; Uhrin and

Profumo, 1996; Lehn and Iravani, 1999) or the optimal control theory with specified

performance index (Fukuda, 1997). Uhrin and Profumo suggested that the performance of the

state feedback control is superior to conventional PI controllers. The disadvantage of the state

feedback control is that the uniform performance cannot be retained over the whole operation

region, because the gain matrix calculation is based on a state-space model linearised in some

operation point. A suggested design approach has been to use the feedback gains calculated for

the nominal operation point of the rectifier.

Recently, nonlinear control schemes such as feedback linearisation (Lee, 2000) and Lyapunov’s

stability theory based control law (Kömürcügil and Kükrer, 1998) have been presented as

alternative solutions for the conventional current control methods. Also new emerging

technologies such as sliding mode control (Vilathgamuwa et al., 1996; Silva, 1997), neural

networks (Cheng et al., 1999) and fuzzy logic (Dixon et al., 1999) have been applied. The

attractive feature of these nonlinear approaches is that they are more insensitive to the operation

point variation than linear controllers. The sliding mode control is also regarded as being very

robust against the parameter variations. Of course, it may be argued that the enhanced

characteristics of the above mentioned control schemes are achieved at the expense of the

increased complexity of the design procedure and the control algorithm.

The reduction of the number of the current and voltage sensors has also been of recent interest

for the researchers. Bhowmik et al. (1997) have presented a model-based sensorless current

control method, where the phase currents are estimated and predicted using the measured line

and DC voltages and the knowledge of the switching state. In (Andersen et al., 1999) and (Lee

and Lim, 2000) only one current sensor in the DC link is used to identify the phase currents.

Approaches to avoid the line voltage sensors have been suggested by (Kwon et al., 1999) and

(Joo et al., 2001). Although the elimination of the sensors contributes to a simpler hardware

implementation and improvement of the system reliability against noise and electromagnetic

interference, in earth current, overcurrent and overvoltage protection sensors are many times

found indispensable.
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In this section, the principles of the direct torque control (DTC) and the direct power control

(DPC) are introduced. Although the DTC was originally developed for the controlling of the
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induction motor (IM) (Takahashi and Noguchi, 1986; Tiitinen et al., 1995), its concept is briefly

reviewed here, because exactly the same control technique has also been applied to the PWM

rectifier (Manninen, 1995) and it establishes the basis of the ���������7���#7 ����� �������

������� (CFCC), dealt with in this thesis. Therefore, the discussion about DTC is also done

from the PWM rectifier point of view. For comparison, the flux-based approach has previously

been utilised also for current regulation of motor drive applications (Veltman et al., 1996),

PWM rectifiers (Veltman and Duarte, 1995) and active filters (Bhattacharya et al., 1996).

������ �����	�	
������
�	�
������ 

The principle of the DTC is based on the fact that the stator flux linkage of the motor can be

calculated with a voltage integral

( ) s

s,0

s

ss

s

s

s

s
ψψ ∫ +−= ��
�� (1.53)

where s

s,0
ψ  is the initial value of the stator flux linkage vector, s

s�  is the stator voltage, ss
  is the

measured stator current and �s is the stator resistance. This equation is often referred to as the

��������"���� of the motor.

It can be concluded from (1.53) that it is possible to force the stator flux linkage vector to

follow the specified path by applying the six nonzero voltage vectors of the converter (Fig. 1.6).

When the zero voltage vector is applied, the flux linkage vector moves in direction of the

resistive voltage drop of the stator but at much slower velocity compared to that of the nonzero

voltage vector.

The inventors of the DTC (Takahashi and Noguchi, 1986) showed that on the condition that the

stator flux linkage vector modulus sψ  is constant, the change of the instantaneous slip angular

frequency of s

s
ψ  results in an immediate change in the motor torque. In a two-pole machine this

torque can be estimated with

{ }s
s

*s

se Im
2

3

� ψ= . (1.54)

Hence, the task is simply to control the stator flux linkage vector to be such that the flux

modulus and torque requirements are met. This is accomplished by using the hysteresis

comparators for the torque error �e,ref – �e and the stator flux linkage modulus error ψs,ref − ψs and

by selecting the appropriate voltage vector from the predefined optimum switching table.

Because the voltage vector selection depends also on the stator flux linkage vector orientation,
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the third input to the switching table is needed to give the discretised information about the

location of the stator flux linkage vector in the complex plane. The functional block diagrams of

the direct torque control of the AC motor and the optimum switching table are represented in

Fig. 1.10 and Fig. 1.11, respectively.
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table

Torque estimation
�e

_

_

�e,ref

�dc
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γ τφκ
sα 
sβ ψsα ψsβ

Stator flux modulus

Stator flux estimation

8

8

AC
motor

ψs

ψs,ref

Fig. 1.10: Block diagram of a direct torque controlled AC motor.

The complex plane is divided into six sectors so that one of the nonzero voltage vectors locates

in the middle of each sector denoted with κ (see Fig. 1.6b). In each sector the DTC applies two

nonzero voltage vectors and both zero voltage vectors in each direction of rotation. The

selection between the nonzero and the zero voltage vectors is done according to the output τ of

the three-level torque error comparator: If the torque error is inside the tolerance band the zero

voltage vector is used, otherwise the nonzero voltage vector is applied. The selection of the

nonzero voltage vector is based on the direction of rotation and the output φ of the two-level

flux modulus error comparator: If the actual value of the flux modulus is above the reference

and out of the tolerance band the voltage vector which decreases the flux is used. In the

opposite situation, i.e. when the actual value of the flux modulus is below the reference and out

of the tolerance band, the flux increasing voltage vector is chosen.
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φ, τ, κ κ�= 1 κ�= 2 κ�= 3 κ�= 4 κ�= 5 κ�= 6 
 τ = 1 �2 �3 �4 �5 �6 �1 
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Fig. 1.11: Optimum switching table and comparators (Takahashi and Noguchi, 1986).

Since the DTC uses the voltage model, the flux estimate will not be accurate in the whole stator

frequency range. Especially at low speeds, the inaccuracy of the voltage model increases,

because the stator voltage s

s�  becomes small compared to the resistive and other voltage losses.

Inaccuracies result in a DC component in the actual flux linkage and stator current, and the

actual stator flux linkage drifts away from an origin centered path. Small drifting may also

occur at higher frequencies. There are several reasons for this:

− Instead of measuring the stator voltage s

s�  from the motor terminals it is constructed

from the measured DC voltage �dc and the states of the power switches. Thus the

voltage losses due to blanking time and resistive voltage drop of the power switches can

be only approximately taken into account in the voltage model.

− The exact value of the resistance �s is not known due to its temperature and frequency

dependency

− Gain and offset errors in the current measurements
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− Discretisation. The stator flux linkage is numerically integrated assuming that the stator

voltages and currents are constant between the sampling instants

It should be noted that the flux linkage estimated using Eq. (1.53) does not drift, since it is the

primary controlled variable in the DTC and it is forced to a circular path by the hysteresis

control. The drift occurs in the actual flux linkage and it is observed as a DC component in the

measured stator current.

Traditionally, the problem of the drifting has been overcome using the measured phase currents

and the inductance model, i.e. the �������� "���� of the motor, to estimate the stator flux

linkage. The current model, however, has also its drawbacks and therefore it is usually applied

only as a supervising model giving corrective information for the voltage model. It requires the

knowledge of the inductance parameters and either the rotor position or the rotor speed.

Inductances are problematic because their values are not accurately known due to saturation.

Position or speed sensors should be avoided because they increase the complexity and costs of

the total hardware of the AC drive, reduce the reliability and noise immunity of the control

system and increase the maintenance requirements. More thorough discussion on the

application of the current model as a stabilising method in the DTC is found e.g. in (Kaukonen,

1999).

In addition to the current model, a number of different algorithms to prevent the drift of the

stator flux linkage or its estimate have been introduced in the literature on the subject. A quite

extensive overview to this topic with two new proposals is found in (Niemelä, 1999). For a

more detailed presentation about the methods of sensorless control and DTC for different types

of the AC machines see e.g. Vas (1998).

������ !������	�
��
��	�������	
����"#����	�����

Manninen (1995) desrcibed how the basic principle of the DTC can be applied to the PWM

rectifier. It was shown that no additional measurements nor control hardware is needed

compared to the normal direct torque controlled AC motor application. All modifications are

merely done in the control software, where simplistically speaking the speed and the field

weakening controllers are replaced by the DC voltage and the reactive power controllers,

respectively. The innermost hysteresis control loops remain the same. Thus, the only physical

difference is that the converter terminals are connected to the mains instead of the electrical

machine. If it is assumed that the parameters of the line filter represent the stator resistance and

the stator leakage inductance of the virtual electrical machine and the line voltage represents the
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back-EMF induced by the virtual air gap flux, then, from the DTC point of view there is no

difference, in theory, between the AC motor control and the PWM rectifier control. The

references of the hysteresis control loops are just formed from different control aspects. The

basic construction of the DTC applied to a PWM rectifier is illustrated in Fig. 1.12. In the

figure, those parts identical to the original DTC are enclosed by the dashed line and they are

henceforth referred to as ���������7���#7 ����� "�������� (CFM). Moreover, the control

principle of the PWM rectifier, which rests on the basic idea of the DTC and where the active

power and the converter flux modulus are the primary controlled variables is referred to as

���������7���#7 ������������ (CFC) of the PWM rectifier.

Let us define the �������������#�space vector to be similar to (1.53) as

( ) s

1,0

s

11

s

1

s

1
ψψ ∫ ++= ��
�� (1.55)

where s

1�  is the converter voltage vector, �1 is the resistance of the line filter inductor, s

1
  is the

measured line current (converter current if an LCL-filter is used) and s

1,0
ψ  is the initial value of

the converter flux vector. The initial value of the converter flux is identified during the

synchronisation with mains. The topic of synchronisation is briefly discussed in Section 2.1.2.

Usually, the ohmic voltage loss s

11
�  can be omitted in (1.55) because in the case of PWM

rectifiers it is negligibly small compared to s1� . Due to its mathematical exactness, the

definition (1.55) is however more convenient and it is therefore used in this work.

It should be noted that the term �������������# has no strictly physical interpretation unlike the

stator flux linkage, which is related to the electromagnetical state of the machine. Note also that

the word �
����� has been dropped because there is no real coil, the turns of which the converter

flux would link. Therefore, the converter flux is just regarded as a time integral of the sum of

the converter voltage and the resistive voltage drop of the line filter. The concept of the

converter (or inverter) flux has been used in the literature e.g. by Weinhold (1991), Veltman

and Duarte (1995) and Bhattacharya et al. (1996).
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Fig. 1.12: Block diagram of the DTC applied to a PWM rectifier. Blocks enclosed by the dashed line form
the converter-flux-based modulator (CFM).

Defining the �
�������
������# vector as

∫= ��� s

2

s

2
ψ (1.56)

the line voltage space vector can be expressed as
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or in component form as

( )22s
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s

2 jjjj ψψωψψ +++=+=
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�

��
�

��� . (1.58)

Note that the angular speed of the virtual line flux vector is denoted with ωs and it is assumed

constant. Substituting the line voltage vector s

2�  from (1.28) in (1.56) results after integration

s

11

s

1

s

2

�+=ψψ . (1.59)

If the phase currents add up to zero i.e. ��
�
�
 ∀=++ ,0)()()( 1c1b1a , the instantaneous active

power drawn from the source is obtained from (1.21) as
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Substitution of (1.58) in (1.60) yields
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For sinusoidal and balanced line voltages 02 =���ψ , which reduces (1.61) to

( ) { }s1*s

2s1212s Im
2

3
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3



� ψωψψω =−= . (1.62)

Now, expressing the virtual line flux s
2

ψ  in (1.62) with (1.59) yields

( ) { }s1*s

1s1111s Im
2

3

2

3



� ψωψψω =−= . (1.63)

By comparing Eqs. (1.63) and (1.54) it can be concluded that if the stator flux linkage and the

stator current are replaced by the converter flux and the converter current, respectively, the

torque hysteresis control loop of the standard DTC core can be directly utilised for active power

control of the PWM rectifier. In practical implementation of (1.63), the multiplication by the

constant source angular frequency ωs can be omitted, so the torque hysteresis control loop

operates actually on a virtual converter "torque". The term ���4�� is, however, unsoundly used

with PWM rectifiers, unlike with motor drives where the torque can be easily observed on the

shaft, and therefore the term should be avoided. The author’s suggestion is that in the case of

the PWM rectifier torque will be substituted by the term ���
�����!��.

Physically Eq. (1.63) gives the instantaneous active power of the converter including the power

dissipated in the line filter resistance �1 but disregards the active power associated with the line

filter inductances �1. From the DC voltage control point of view it is however irrelevant

whether the rate of change of the magnetic energy stored in the filter inductors is observed or

not, because only the power flow through the rectifier bridge has an effect on the DC voltage.

Therefore, it is concluded that Eq. (1.63) leads to a more effective DC voltage control scheme

and to a simpler estimation algorithm of the active power than (1.60) or (1.62), which could be

alternatively applied.



41

The underlying idea of the the active power control with direct control of the converter flux

vector becomes more evident if the current vector in (1.63) is expressed with the converter flux

vector s

1
ψ  and the virtual line flux s

2
ψ
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The last term in parentheses corresponds to the vector product s
2

s

1
ψψ ×  and it can be expressed

using the modulus of the vectors as

χψψω sin
2

3
21s

1�
� = (1.65)

where χ is the angle between the converter flux vector and the virtual line flux vector as

illustrated in the space vector diagram of Fig. 1.13. Assuming that the amplitude and the

angular frequency of the virtual line flux vector ψ2 are constant, the influence of the change of

the instantaneous slip angular frequency of s

1
ψ  on the active power is easily seen from (1.65).

Note that considering only the fundamental components, the phase angle χ is equal to the power

angle δ between the converter voltage space vector �1 and the line voltage space vector �2.
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γ

Fig. 1.13: Space vector diagram of a PWM rectifier with L-filter. The rectifier operates with a lagging
power factor.

The estimated active power can be easily compared with its reference �ref obtained from the DC

controller to achieve a fast active power control. At the same time the converter flux modulus is

compared with the reference ψ1,ref, which is produced by the reactive power control. One
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approach for the reactive power control is to estimate the instantaneous reactive power drawn

from the source and compare it with the reference value 4ref in order to form a required change

to be added to the initial converter flux modulus reference. Eq. (1.24) gives for the reactive

power
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Substitution of (1.58) yields
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which for sinusoidal and balanced line voltages ( 02 =���ψ ) reduces to
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Now, expressing the virtual line flux using Eq. (1.59) the equation for the reactive power with

the help of the converter flux vector ψ1 and the line current vector 
1 is obtained as

( ){ }s1*s

11

s

1s Re
2

3


�4 += ψω . (1.69)

The topic of the reactive power control is discussed to a greater extent in Section 3.4.

������ �����	��
�����
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������ 

The direct power control (DPC) strategy for PWM rectifiers was proposed by the inventors of

the DTC (Noguchi et al. 1998). It is based on the direct control of the instantaneous active and

reactive power in a manner analogous to the torque and the flux control of the DTC. Similar to

the DTC and CFC schemes, there are neither internal current control loops nor pulsewidth

modulator with fixed switching frequency, because the converter switching state is

appropriately selected by using a switching table and hysteresis comparators for the

instantaneous errors between reference and estimated values of the active and reactive power.

The accurate and fast estimation of the active and the reactive power is of primary importance

in the DPC. In the original DPC (Noguchi et al. 1998) the voltage-based power estimation was

used. The instantaneous values of the active and the reactive power are estimated by
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It is obvious that the first part of both equations represents the power in the line filter inductors

and the last part gives the power of the rectifier. The equations can also be interpreted such that

the line voltages are estimated by adding the voltage losses in the line filter inductors to the

phase voltages of the rectifier bridge and then calculating the active and the reactive power

from (1.20) and (1.26), respectively.

For the switching table the orientation of the line voltage vector must be known. This is solved

by using the estimated active and reactive power and calculating the line voltage vector

components in stationary reference frame from
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Considering the practical implementation of the equations above in a discrete-time system,

there are a few drawbacks. Both power estimates uses the derivative term of the measured

currents, which are in practice calculated using the finite differences. Therefore, it is necessary

to limit steep current ripples by employing relatively large filter inductances and performing the

calculation of the finite differences with very high sampling frequency. In Noguchi et al. (1998)

the sampling frequency of 111 kHz was used when the average switching frequency of the

rectifier was 8 kHz. Additional measures should also be taken against the numerical problem

arising from Eq. (1.72) when the modulus of the current vector approximates to zero. The

configuration of the voltage-based DPC is shown in Fig. 1.14a.

In order to overcome the disadvantages of the voltage-based power estimation Malinowski et al.

(2001) presented a power estimation method based on the concept of the virtual line flux.

Compared to the original DPC, the advantage of the use of the virtual line flux for power

estimation is that the estimation algorithm is simpler and a lower sampling rate can be used. For

comparison, the sampling frequency of 50 kHz was found sufficient for the virtual-line-flux-

based DPC (Malinowski et al., 2001).

The core of the virtual-line-flux-based DPC is formed by Eqs. (1.59), (1.62) and (1.68), which

define the virtual line flux, the instantaneous active power and the instantaneous reactive power.

Both of the power estimation equations of the virtual-line-flux-based DPC are simple to

implement in a discrete-time system and do not require the calculation of the current
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derivatives. The basic block diagram of the virtual-line-flux-based DPC system is shown in Fig.

1.14b.

Contrary to the DTC and CFC schemes, the complex plane is divided into twelve sectors in

DPC. It is found that this results in a better instantaneous power tracking than the six-sector

method (Chen and Joós, 2001). Another difference compared to the DTC and CFC is that in the

DPC the voltage vector selection is done according to the orientation of either the estimated line

voltage vector or the virtual line flux vector instead of the stator or the converter flux vector.

Moreover, usually two level hysteresis comparators are applied in DPC for both active and

reactive power. For the switching table of the DPC, it is referred to (Noguchi et al. 1998) and

(Malinowski et al. 2001).
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Fig. 1.14: Block diagrams of a) the original DPC proposed by Noguchi et al. (1998) and b) the virtual-line-
flux-based DPC introduced by Malinowski et al. (2001).

�/8� %�����
�
���.
��.
���

This work is part of a larger research project, where the aim has been to enhance the CFC

concept of the PWM rectifier and extend its applicability to the field of power conditioner

systems and active filters. The starting point for the project was the CFC introduced in Section

1.5.2 and the main constraint, set by the industrial partner in cooperation, was that the hysteresis

control loops of the CFC for the active power and the converter flux modulus must be

preserved. This means that, although we may freely choose the outer control structure, it must

produce appropriate references for the CFC. In other words, the CFC is actually applied as a

PWM modulator – namely as a CFM.

The four main topics covered during the project have been:
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− Methods to improve the control performance of the CFC with L-filter and LCL-filter

− Parallel operation of independent rectifier units

− Power conditioner system application including an island operation

− Active filter application

This work introduces the results obtained from the studies covering the first two topics.

Traditionally, in PWM rectifiers a dq-coordinates current vector control method is applied.

Thus, strictly controlled line currents with zero steady-state error, low-harmonic content and

well-defined dynamic performance is anticipated. Current vector controlled approaches are also

found to be suitable for the PWM rectifier with an LCL-filter, especially if a PWM modulator

with fixed switching frequency is used. In the CFC the primary control variable is the converter

flux vector instead of the line current. Furthermore, the CFC belongs primarily to hysteresis

control schemes, which are often claimed to be inapplicable with the LCL-topology (Ollila,

1991). In Ollila’s report, however, only the three-phase current hysteresis control, shown in Fig.

1.8a, has been studied, so the applicability of the other types of the hysteresis control schemes,

such as the CFC, with LCL-filter are not previously discovered. Therefore, a new concept,

denoted as ���������7���#7 ����� �������� ������� (CFCC), is introduced, analysed and

implemented. It enables the above mentioned benefits of the synchronous coordinates current

control to be embedded in the converter-flux-based controlled PWM rectifier.

To achieve sufficient current control dynamics and a stable operation with the CFCC, the

control system is thoroughly analysed and the rules for the control design are suggested. For

these purposes the frequency characteristics of the CFM are studied and the analytical models

for control system analysis and controller tuning are proposed. The effects of the maximum

available converter AC voltage, i.e. the rectifier saturation, are taken into account in fomulating

the design rules. Also the problem caused by the rectifier saturation and known as integrator

windup, is considered and solved with an effective method called back-calculation�(Åström and

Hägglund, 1995).

DC voltage control design based on a linearised model and the method of symmetric optimum

is presented. A simple open-loop estimator based load current feedforward control method is

also formulated and tested.

To retain the line-voltage-sensorless structure also in the CFCC, new reactive power estimation

and control methods for the LCL-filter are developed. Two alternative reactive power control

methods for the L-filter are suggested. Because all proposed reactive power control schemes
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rely on the estimation of the reactive power, they are parameter-dependent. Thus, the influence

of the filter parameter mismatch on the accuracy of the reactive power control is also discussed.

In high power applications or when a redundant high reliable rectification system is needed,

parallel-connected PWM rectifiers are often required. The parallel use of the PWM rectifiers is,

however, not straightforward, because without special measures the zero-sequence current may

circulate between the rectifier units causing increased stress of the power switches, malfunction

and derating of the units. In order to enable an independent operation of the individual rectifier

unit, a circulating current control method for converter-flux-based controlled parallel PWM

rectifiers is presented.

The contents of the thesis are divided into six chapters. Besides this introductory chapter, the

following chapters are introduced:

Chapter 2 brings forward the concept of the CFCC of the voltage source PWM rectifier and

discusses the frequency characteristics of the CFM as a voltage space-vector modulator. Special

features of the CFCC and the converter-flux-oriented dq-coordinates are also discussed and

compared to the more conventionally used virtual-line-flux-oriented (or line-voltage-oriented)

current control.

Chapter 3 presents the analysis and synthesis of the total CFCC system. Based on the analysis,

the design rules for the controllers are provided. Special attention is paid to the rectifier

saturation and the integrator windup. The DC link voltage control and the line-voltage-

sensorless reactive power control for both L- and LCL-filters are also discussed in this chapter.

Chapter 4 deals with the parallel operation of the PWM rectifiers. Modelling and control of the

zero-sequence current is provided. A new zero voltage vector selection rule for suppression of

the circulating zero-sequence current is proposed.

Computer simulations are used throughout the chapters 2-4 to illustrate the performance of the

proposed ideas.

Chapter 5 treats the experimental verification of the proposed methods with laboratory test

setups.

Chapter 6 concludes the results and makes some suggestions for future work.
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The scientific contributions of the thesis, which are considered as new, can be summarised as

follows:

− Stabilising method of the direct integration (Niemelä, 1999) is adopted for the converter

flux estimation. The dynamic performance of the method is improved for the use in

converter-flux-based PWM rectifiers.

− A new synchronous-frame current control concept for PWM rectifier, in this thesis

referred to as the converter-flux-based current control (CFCC), is introduced and

analysed. Original results here include also a compensatory method for the dq-frame

cross-coupling, transformation of the synchronous-frame voltage vector reference into

the references suitable for the converter-flux-based modulator (CFM) and the

frequency-domain analysis of the CFM as a voltage space vector modulator.

− Based on dynamical analysis, it is revealed that the dq-frame cross-coupling is

inherently reduced when the converter flux orientation (CFO) is used instead of the line

flux orientation (LFO).

− Line-voltage-sensorless reactive power control method for both the L- and LCL-type

line filter is developed. The influence of the parameter inaccuracies on the reactive

power control performance is examined and approximative expressions for steady-state

error estimation are proposed.

− A zero voltage vector selection scheme for the CFM in order to suppress the circulating

zero-sequence current in parallel-connected PWM rectifiers is proposed and

demonstrated.

Other results which cannot be considered as entirely new but which provide valuable

information, particularly for practical engineers, include:

− Simple parameter selection guidelines for all controllers included in the proposed PWM

rectifier control system.

− Discussion of important implementation issues.

Some of the results in this thesis have been reported in the following conference papers and

accepted journal paper:

1. Pöllänen, R., Tarkiainen, A., Niemelä, M., Pyrhönen, J. A Novel Load Current
Feedforward Control for Direct Torque Control Based AC-DC-AC Converters. In
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Brugge, Belgium, 2002, CD-ROM.

A simple DC link load current estimation method was proposed and considered for

improving the DC voltage control. An preliminary variant of the converter flux based

current control and a trial-and-error designed DC voltage controller were used.

2. Tarkiainen A., Pöllänen, R., Niemelä, M., Pyrhönen, J. Optimum Switching Table
Based Synchronous Co-ordinate Modulation Method for Voltage Source Inverter. In
�������
���� ��� ���� /�������
����� -���������� ��� 9�����
���� 2���
���)� /-92� (++(,
Brugge, Belgium, 2002, CD-ROM.

A modulation method resembling the CFM was introduced and its performance was

evaluated.

3. Pöllänen, R., Tarkiainen, A., Niemelä, M., Pyrhönen, J. Supply Voltage Sensorless
Reactive Power Control of DTC Modulation Based Line Converter with L- and LCL-
filters. In �������
���� ��� ���� 9�������� -���������� ��� ��!��� 9�������
��� ���
$���
���
���)�9�9�(++&, Toulouse, France, 2003, CD-ROM.

The line-voltage-sensorless reactive power control in Section 3.4 was considered.

4. Tarkiainen A., Pöllänen, R., Niemelä, M., Pyrhönen, J. DTC Based Power Conditioning
System Capable of Grid-Connected and Grid-Independent Operation. In �������
������
����9��������-���������������!���9�������
�������$���
���
���)�9�9�(++&, Toulouse,
France, 2003, CD-ROM.

The converter flux based current control and the reactive power control were applied in

a power conditioning system application.

5. Tarkiainen A., Pöllänen, R., Niemelä, M., Pyrhönen, J. Current Controlled Line
Converter Using Direct Torque Control Method. 9����������������
�������9�����
���
��!���7�9�9�, to be published in 2004.

The same preliminary variant of the CFCC as in paper 1 was reported and compared to

the original CFC. Many parts of this control scheme are greatly redesigned and

improved in Chapters 2 and 3.

Some of the results of the thesis are still unpublished, since they have been emerged at a fairly

late stage of the research project or during the writing process of the manuscript. The

unpublished results includes the final version and the analysis of the CFCC in Chapter 2, the

controller parameter selection rules in Chapter 3 and the parallel operation of the PWM

rectifiers in Chapter 4.
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This section gives an overview of the converter-flux-based current control (CFCC) of the

voltage source PWM rectifier. First, an introduction of the estimation of the converter flux is

given and then a method to prevent the drifting of the voltage integral is presented. After the

converter flux estimation is done, the principles of the CFCC are given. Then, the motivation of

the proposed control scheme and the structure of the CFCC are discussed. Some special features

of the CFCC are compared to the virtual-line-flux-oriented current control. Finally, the

frequency characteristics of the CFM is studied and based on these results, models of the CFM

and the CFCC for the control system design and analysis are proposed.

������ $�	���	�
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The key element of the converter-flux-based control (CFC) of the PWM rectifier is the

estimation of the converter flux. In basic form the converter flux is estimated with

( ) s

1,0
0

s

1

s

1,0
0

s

11

s

1

s

1
ˆˆˆˆˆˆ ψψψ +≈++= ∫∫

��

�����
�� (2.1)

where s

1�̂  is the estimated converter voltage, 1�̂  is the estimated resistance of the line filter, s

1


is the measured line current (converter current when an LCL-type line filter is used) and 
s

1,0
ψ̂  is

the initial value of the converter flux estimate. Usually, the effect of the line filter resistance

may be ignored and the last expression of (2.1) may be used to estimate the converter flux. This

is due to the fact that the PWM rectifier operates only with the nominal frequency in which case

the ohmic voltage part is small compared to the converter voltage �1.

Because only the DC link voltage is measured, the converter switching states �!a, �!b, �!c and

a model for the voltage drop in the power switches must be used to construct the converter

voltage vector estimate for the integration. Kaukonen (1999) proposed that the converter

voltage vector is estimated with

( )lossc,
2

lossb,lossa,dc

ss

1 3

2

3

2
ˆ �������!� ++−= (2.2)
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where �a,loss, �b,loss and �c,loss take into account the threshold and the conducting state voltage

losses of the power switches and also the blanking times during the commutations. In practice,

the integration of the estimated converter voltage is performed in discrete-time form with a very

high sampling rate. Unfortunately, the open-loop integrator is only marginally stable and

therefore even small errors in the initial value of the converter flux, in the estimated converter

voltage or in the resistive voltage drop term cause that the integration will gradually fail.

Consequently, depending on the control scheme employed, either the true converter flux or the

converter flux estimate can become eccentric, which results in DC components in the converter

phase currents.

A simple remedy for the drifting problem is to replace the pure integrator with a lowpass filter

(e.g. Vas, 1998)

s

1,0

s

1

0

s

1
ˆˆ1ˆ ψ

ω
ψ +

+
= �
�

(2.3)

or with a bandpass filter (Harnefors, 1997)
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where � is the Laplace transform variable and ω0 is the cut-off frequency of the filter. Although,

both these filters act with good accuracy as an integrator for frequencies ω >> ω0, there is still

small errors in the amplitude and phase angle of the converter flux estimate at the fundamental

line frequency ωs. Therefore, if the converter flux vector is intended to apply as an orientation

of the synchronous reference frame for the current control, all additional phase shift should be

avoided. Furthermore, Luukko (2000) states that the time delay may result in unstable

behaviour if the filter is directly used for the primary controlled variable i.e. for the converter

flux, in this case. A more sophisticated drift correction method for the converter flux is thus

recommended.

Several proposals have been put forward to avoid the drawbacks of the lowpass and bandpass

integrators. Wu and Slemon (1991) presented a correction method, in which the drift of the flux

estimate was determined by detecting the maximum and minimum real and imaginary

components of 
s

1
ψ̂ . Hu and Wu (1998) proposed three modified integrators, in which a

compensation signal was used as a feedback to a simple lowpass integrator. The difference

between the proposed methods were in the calculation of the compensation signal. In (Ottersten,

2003) a new promising flux estimator concept, called statically compensated voltage model
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(SCVM) was introduced. The idea of the SCVM is to compensate the errors of the lowpass

integrator (2.3) so that the open-loop integrator is restored in the steady-state.

In this work, a drift detection and correction method, originally presented by Niemelä (1999)

for position-sensorless direct torque controlled electrically excited synchronous machines, is

employed. This method is, in a way, a variant of the modified integrator by Hu and Wu (1998)

and it has been verified to perform sufficiently well in direct torque controlled synchronous

machine applications (Niemelä, 1999), (Luukko, 2000). According to this approach a pure

integration of the converter voltage is stabilised by adding a correction term s

corr1,
ψ  to the

voltage model

( ) ( ) ( ) ( )��������
��

�

s

corr1,

s

1,0

s

1

s

1
ˆˆˆ ψψψ ++=∆+ ∫

∆+

. (2.5)

The correction term is calculated as

( ) s

1

2
1

2
filt1,

s

corr1,
ˆˆˆ ψψψψ ψ −= � (2.6)

where �ψ is the correction gain, 2

1ψ̂  is the squared modulus of the estimated converter flux and

2

filt 1,ψ̂  is the lowpass-filtered value of the same. The basis of the correction method, according to

Niemelä (1999), is that the direction of the eccentricity of the drifted flux is almost the same as

the direction of the flux estimate when the difference 2

filt1,

2

1
ˆˆ ψψ − , which represents a highpass-

filtered value of the squared converter flux modulus, is at its maximum. So, the correction term

is actually formed by amplitude modulating the converter flux estimate with the difference

2

filt1,

2

1
ˆˆ ψψ − . In (2.6) the terms of the subtraction are however switched over to directly give a

right direction for the correction. The implementation of the converter flux corrector is depicted

in Fig. 2.1.

1ψ̂

1ψ̂
2

1
ψ̂ LPF 1

Correction
term

calculation
ψ1β,corr

ψ1α,corr

8

:

�

Fig. 2.1: Block diagram of the correction method based on the squared modulus of the converter flux
(Niemelä, 1999).
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In the original implementation presented by Niemelä (1999) a simple first-order lowpass filter

(LPF 1 in Fig. 2.1)

1

1
)(

1

1LPF +
=
��

�. (2.7)

with a constant parameter was used. However, Luukko (2000) showed for permanent magnet

synchronous machine (PMSM) that the dynamical performance of such a filter is too slow for

fast changes of the torque and the modulus of the stator flux linkage, thus creating unnecessary

correction to the estimate. As a remedy, Luukko suggests that the original lowpass filter (2.7) is

replaced by the phase-lag compensator

1

1
)(

1

1
1LPF +

+
=

��

���
�. � (2.8)

where the coefficient �� is made adaptive with respect to the torque changes and its value is

limited as 0 ≤ �� ≤ 1. The correction gain �ψ is also made adaptive and dependend on the

parameter ��

( ) 01 ψψ ���
�

−= (2.9)

where �ψ0 is the base value of the coefficient. The idea of the adaptation of the correction gain is

based on the fact that the drifting of the true or the estimated flux is quite a slow process and

therefore correction is not necessarily needed during transients. On the other hand, to be able to

correctly detect the eccentricity after the transient, the output of the lowpass filter must adapt to

a new DC offset of the converter flux modulus as fast as possible. This is the reason why the

filter output is allowed to follow the unfiltered value faster during the transients by increasing

the coefficient ��. Fig. 2.2 shows the block diagram of the improved version of the correction

method.

1ψ̂

1ψ̂
2

1
ψ̂ LPF 1

Correction
term

calculation
ψ1β,corr

ψ1α,corr8

:

� �
�

�ψ

Fig. 2.2: Block diagram of the improved correction method.
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The ideas presented by Luukko (2000) are adopted for improving the correction method of the

converter flux estimation, but through some modifications. Firstly, the structure of the original

lowpass filter (2.7) is retained but the filter time constant �1 is made adaptive. The adaptation is

conveniently defined using the discrete-time form of the filter. Applying the ���!�����
��������

discretisation (Åström and Wittenmark, 1997), the difference equation of the first-order lowpass

filter is obtained as

( ) ( ) ( ) ( )[ ] ( ) ( ) ( )[ ]�#����#�#��
�

�
�#�#

�
−+=−+=+

1

s1 (2.10)

where #(�) is the output of the filter, �(�) is the input signal of the filter, �s is the sampling

period and �� = �s/�1.

Now, the adaptation is not fixed to the change of the active power (corresponds to the torque in

a motor drive) but to the change of the converter reactive power, because the changes in the

squared modulus of the converter flux are mainly associated with changes of the reactive power

(see Eq. (1.69)). An appropriately signal for the adaptation is thus the absolute value of the

highpass-filtered value of the scalar product of the converter flux vector and the converter

current vector
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where ( )
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1
ˆ 
⋅ψ  is the lowpass-filtered value of the scalar product. Consequently, the

adaptation of the filter coefficient �� = �s/�1 is defined as
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where �a is the sensitivity coefficient and ��,min is the minimum value of ��. The correction gain

�ψ is made adaptive using Eq. (2.9). The block diagram of the calculation of �� is illustrated in

Fig. 2.3.
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Fig. 2.3: Adaptation of the filtering coefficient ��. ABS denotes the calculation of the absolute value.
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The lowpass filter LPF 2 in Fig. 2.3 must have a considerably shorter settling time compared to

the steady-state characteristics of the adaptive lowpass filter LPF 1 of the improved correction

algorithm (Fig. 2.2) so that the drift correction takes place sufficiently fast after the transient.

Based on simulations and experiments a suitable value for the filter time constant was found to

be in the range of 0.1…0.5�,  where � is the period of the line voltage. In this work, with 50 Hz

line voltage frequency a 4 ms filter time constant is used.

One benefit of the proposed adaptation method is that it yields a simpler implementation of the

lowpass filter LPF 1 compared to that of the phase-lag compensator. In addition, the proposed

adaptation affects the cut-off frequency of the filter instead of the attenuation of the stopband

having as a result that the filter rise time behaves more reasonably with respect to the adaptation

signal. This is seen from Fig. 2.4 where the step response rise times �r of the adaptive first-order

lowpass filter 1/(��1 + 1) = 1/[�(�s/��) + 1] and the adaptive phase-lag compensator (2.8) as a

function of the adaptation parameter �� are compared. In the figure the sampling period

�s = 100 µs is used.

Fig. 2.4: Comparison of the rise time �r (from 10 % to 90 % of the final value) of the adaptive first-order
lowpass filter and the adaptive phase-lag compensator. Time constant �1 of the phase-lag compensator is
100 ms. The sampling period �s for the first-order LPF is 100 µs.

In order to compare the original implementation of the correction method to the improved one,

simulations are carried out. In simulations the reactive power reference 4ref is changed stepwise

from 0 pu to −1.0 pu at time instant � = 10 ms. The DC link voltage reference is 2.0 pu (650 V)

in order to avoid converter saturation when operating with a capacitive power factor. Other

parameters used in the simulations correspond to the parameters of the test system 1 with L-

filter given in Appendix B.
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Fig. 2.5 shows the results when the original version of the correction method is used. The flux

components are given in the synchronously rotating reference frame, the real axis of which is

fixed to the virtual line flux vector ψ2 (see Fig. 1.13). It is seen that the actual reactive power is

notched after the transient because the flux estimate is wrongly corrected. There is also

approximately a 20 % overshoot in the response. Remarkable improvements are seen in Fig.

2.6, where the simulation results obtained with the adaptive filtering coefficient and correction

gain are shown. Flux components are very accurately estimated throughout the transient and

there is no overshoot in the reactive power step response.
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Fig. 2.5: Simulation results of the reactive power reference step when using the original lowpass filter LPF
1 shown in Fig. 2.1. The correction gain �ψ = 0.025, the filter time constant �1 = 100 ms.
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Fig. 2.6: Simulation results of the reactive power reference step when using the adaptive lowpass filter and
an adaptive correction gain shown in Fig. 2.2. The correction gain base value �ψ0 = 0.025 and the
minimum value of the filtering coefficient ��,min = 0.001, corresponding to 100 ms filtering time constant
when 100 µs sampling time is used. The limit (�aε)min = 0.1 pu and the sensitivity coefficient �� = 1.

In active power changes, the difference between the original filter and the improved one is

insignificant because there is only a minor change in the modulus of the converter flux. Hence,

this situation is not separately discussed.

In the previous discussion, the amplitude and the frequency of the line voltage was assumed

constant. The picture of the converter flux estimation becomes, however, more complicated

when line voltage disturbances, such as voltage dips, has to be considered. Overcurrent
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problems have been encountered in simulations where a voltage dip of 20 % or more occurs in

the nominal operation point (
1q = /1n). More research is therefore required in this area.
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For a smooth starting of the PWM rectifier, the initial value of the converter flux estimate has to

be set correctly. An evident choice for the initial value of the converter flux estimate is the

instantaneous value of the virtual line flux vector at the moment of starting. In other words, a

zero initial phase angle χ0 is desired. Eq. (1.57) gives for the virtual line flux vector in the case

of sinusoidal and balanced line voltages

s

s

2s

2

j

ω
ψ �−= . (2.13)

Unfortunately, this equation is not directly applicable because the line voltage is not measured.

However, the line voltage vector may be easily estimated by measuring the current vector s

1
 ,

which is induced by the line voltage itself. This is accomplished by applying a zero voltage

vector for a short time period ∆�, in which case the current vector s

1
  is determined by the line

voltage and the line filter so that
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Assuming that the line voltage is almost constant during the short period ∆� and that �1 ≈ 0, the

line voltage estimate is obtained as
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Now, using Eq. (2.13) the initial components of the converter flux estimate are given by
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The direction of the rotation of the line voltage vector as well as the source angular frequency

may also be detected from the same current measurements by calculating the phase angle
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change and the rate of the phase angle change of the current vectors ( )0

s

1 �
  and ( )��
 ∆+0

s

1  in the

time period ∆�. This way the commissioning of the PWM rectifier can be made automatic.
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In the CFC there are neither internal current control loops nor a pulsewidth modulator, because

the converter switching states are appropriately selected by the switching table according to the

instantaneous errors between the reference and estimated values of the converter flux modulus

and the active power (see Fig. 1.12). The line currents are therefore indirectly determined by the

hysteresis control loops and they will be thus shaped more or less sinusoidally. In a PWM

rectifier the waveforms of the line currents play a more important role than the waveforms of

the stator currents in a motor drive application because the line currents must comply with the

limits specified by the standards, e.g. (EN 61800-3, 1997; IEEE Standard 519-1992, 1993). In

view of these requirements, it may be concluded that the PWM rectifier should draw as

sinusoidal line currents as possible even if the line voltage were not purely sinusoidal. This

objective is most likely achieved by active control of the converter currents, rather than direct

control of the converter active and reactive power, since if the line voltage is distorted and the

instantaneous reactive power is continuously regulated to zero, the line current waveform is not

sinusoidal but will have exactly the same shape as the line voltage. So, why could not the

control scheme take the full advantage of the current measurements also in the converter-flux-

based controlled PWM rectifiers and apply the feedback current control?

Demands for the strictly controlled currents may also arise from the requirements of the

application such as an active power filter. Also, if an LCL-type line filter is intended to use, the

active current control is almost mandatory to increase the damping of the system and thus relief

the potential resonance problems. Besides, in a digital control system the implementation of the

current control scheme means only a minor changes in the control algorithm.

Other benefits compared to the mere CFC, which could be gained from the feedback current

control, may be listed as follows:

− The current is more easily to maintain within the specified ratings and without any

special indirect limitation methods.

− Saturation issues of the converter voltage are simpler to detect and resolve.

− Control actions are concentrated on the improvement of the line current waveform.



59

����(� ������	��
�	�
���	���	���

The principle of the current control implemented with the CFM (see Fig. 1.12) i.e. the

converter-flux-based current control (CFCC) is depicted in Fig. 2.7. The synchronous-frame PI

control is chosen for the current control because it has been verified to perform sufficiently well

in most applications. Two other reasons for the selection are the simplicity of the control

structure and the existing methods for the controller design. The control structure is similar to

the classical synchronous coordinates current vector control of PWM rectifiers, shown in Fig.

1.9 except that the CFM is applied to generate the converter switching signals instead of the

conventional PWM methods, such as the space vector modulation or the sine-triangle

comparison. The CFM-based approach has a number of interesting features, which are explored

in the remainder of this chapter.
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Fig. 2.7: Principle of the converter-flux-based current control (CFCC). The parts enclosed by the dashed
line form the converter-flux-based modulator (CFM).

In the CFCC the field orientation is naturally accomplished and without the knowledge of the

line voltages by fixing the synchronous reference frame to the estimated converter flux vector

s

1
ψ̂  as illustrated in Fig. 2.8. In contrast to the line-voltage-oriented schemes, in the flux-

oriented approaches it is unnecessary to implement PLL’s to track the phase angle of the
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reference frame in a damped manner because of the natural lowpass behaviour of the flux

integration (Duarte et al., 1999).
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Fig. 2.8: Synchronous reference frame fixed to the estimated converter flux vector. The vector diagram
illustrates a situation where a PWM rectifier with an L-type line filter operates with a unity input power
factor. The effect of the line filter resistance is ignored.

The coordinate transformation of the current vector s

1
  from the stationary reference frame into

the synchronous reference frame is easily calculated without trigonometric functions as

1

1111

1d ˆ

ˆˆ

ψ
ψψ 





+

= (2.18)

1

1111

1q ˆ

ˆˆ

ψ
ψψ 





−

= (2.19)

where the modulus of the estimated converter flux vector is given by

2
1

2
11

ˆˆˆ ψψψ += . (2.20)

To be able to exploit the existing methods of the current control design of the PWM rectifiers, it

is desirable to implement the current regulators maintaining the features of the voltage-based

implementations. In other words, the current controller outputs should represent the components

or parts of the total components of the converter voltage vector reference �1,ref expressed in the

synchronous coordinates. This way, it is irrelevant from the perspective of the current

controllers, which method is applied to the synthesis of the actual converter voltages, provided
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that the modulation principle used is able to generate the voltage vector reference wihout any

significant degradation of the control performance.

To make the converter currents track the reference currents, the required synchronous

coordinates components of the converter voltage vector can be solved from (1.34) and (1.35)

refq,11refd,11

refd,1

1d2ref1d, 
�
�
��

�

��� ω+−−= (2.21)

refd,11refq,11

refq,1

1q2ref1q, 
�
�
��

�

��� ω−−−= . (2.22)

It is, however, impractical to compute the derivatives of the current references and especially, if

an accurate current control is to be achieved, the filter parameters should be known precisely

and the converter voltage vector should be controlled exactly. With PI-type current controllers

the construction of the converter voltage vector reference is typically arranged to be such that

1dq11d2ref1d, �
��� ∆−+= ω (2.23)

1qd11q2ref1q, �
��� ∆−−= ω (2.24)

where ∆�1d and ∆�1q are the output signals of the current controllers

( ) ( )∫ −+−=∆ ��

�

�� 1dref1d,i1dref1d,p1d (2.25)

( ) ( )∫ −+−=∆ ��

�

�� 1qref1q,i1qref1q,p1q (2.26)

that generate additional voltages to induce the current changes and to maintain the current

waveforms sinusoidal. The other terms in the voltage reference equations are the feedforward

terms from the line voltage components �2d, �2q and the decoupling terms ω�1
1q, ω�1
1d to

reduce the cross-coupling between the d- and q-axis. Assuming an ideal voltage vector

generation, i.e. �1d = �1d,ref and �1q = �1q,ref, the substitution of the overall current controller

(2.23) and (2.24) to the dynamic model of the rectifier (Eqs. (1.34) and (1.35)) results in the

input-output relations

1d1
1d

11d 
�
��
�


�� +=∆ (2.27)

1q1

1q

11q 
�
��

�

�� +=∆ (2.28)
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which represent two first-order non-interacting linear dynamic systems. A block diagram of the

conventional decoupled current control of the PWM rectifier is shown in Fig. 2.9.

+

+
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_

ω�1
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�2q

�1d,ref

�1q,ref

∆�1d

∆�1q

_

_

Fig. 2.9: Conventional PI-type current controllers with decoupling and line voltage feedforward.

Now, the CFM is applied instead of a regular pulsewidth modulator and therefore the current

control structure needs to be modified. First of all, because the line voltage is not measured, the

feedforward terms from the line voltage components �2d and �2q are not available. However,

that is not a considerable drawback and the whole current control structure represented in Fig.

2.9 may be revised for the CFM.

Transforming the line voltage space vector s

2� , expressed with Eq. (1.57), into the synchronous

coordinates fixed to the converter flux vector s

1
ψ  and assuming that 02 =���ψ  gives

2s

-js

22 je ψωγ == �� (2.29)

where ψ2 is the virtual line flux vector expressed in synchronous coordinates. On the other

hand, according to (1.59), ψ2 can be written in the synchronous reference frame as

1112

�+=ψψ (2.30)

giving the result that the line voltage components can be expressed as

1q1s2qs2d 
�� ωψω −=−= (2.31)

1d1s1s2ds2q 
�� ωψωψω +== . (2.32)

Using these relations and defining ω to be composed of the two terms as

ωωω ∆+= s (2.33)
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where ∆ω is the slip angular frequency of the converter flux vector, the converter voltage vector

references (2.23) and (2.24) can be rewritten as

1dq11ref1d, �
�� ∆−∆= ω (2.34)

1qd111sref1q, �
�� ∆−∆−= ωψω . (2.35)

The rotational voltage 1sψω  must be omitted in the q-axis reference because it is inherently

produced by the CFM due to its active power feedback loop. This is obvious when the operation

of the CFM with a zero active power reference �ref and the initial converter flux modulus

reference 2ref01, ψψ ≈  is considered. Evidently, these conditions are achieved by rotating the

converter flux vector ψ1 with the given modulus in phase with the virtual line flux vector ψ2,

i.e. with angular speed ωs. In practice, this is accomplished by the collaboration of the estimated

active power feedback and the associated hysteresis controller. The former reveals the deviation

of the phase angle χ from zero and the latter corrects the error by selecting an appropriate

voltage vector for the instant change of the slip angular frequency of the converter flux vector.

Thus, it may be stated that the CFM inherently generates the required rotational voltage 1sψω

without any special control actions. For reasons of mathematical completeness the rotational

voltage is, however, included in the equation of the q-axis voltage reference.

	��������
��
��	9���
�
�
��
�

Next, the voltage vector references expressed in the synchronous coordinates must be converted

to the references, which are valid for the CFM. For the d-axis voltage reference an appropriate

transformation is found by examining the converter voltage, which in the stationary coordinates

can be expressed using the converter flux as

( )

s

11

s

1

j1

s

11
j

1
j1s

11

j
1s

11

s

1s

1

j

j


��
��

�


���
��

�

�

��

��

�

��

�
�

−+=

−+=−=−=

ψωψ

ωψψψψ

γ

γγ
γ

. (2.36)

Transformation into the synchronous reference frame yields

( ) ( )1q1d11q1d

q

1

d

1j-s

11 jjjje 

�
��

�

��

�
�� +−+++== ψψωψψγ (2.37)

which, due to the converter flux orientation, is reduced to
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( )1q1d11
1

1qd11 jjj 

�
��
�

��� +−+=+= ωψψ
. (2.38)

Hence, the converter voltage vector components in the synchronous reference frame fixed to the

converter flux vector are expressed by

1d1
1

1d 
�
��
�

� −= ψ
(2.39)

( ) 1q11s1q11q1 
�
�� −∆+=−= ψωωωψ . (2.40)

Replacing �1d in (2.39) with the output of the d-axis current controller �1d,ref the reference of the

converter flux modulus is obtained as

( ) 0,11d1ref1d,ref1, ψψ ++= ∫ ��
�� (2.41)

where the initial value of the converter flux modulus ψ1,0 initialises the integrator and provides

the initial converter flux modulus reference ψ1,ref0. Accordingly, the transformation

�1d,ref → ψ1,ref is performed by a dynamical system representing a pure integrator ( ) ��.
�

1=ψ .

In practice, the integral is computed in discrete-time form, which using the backward difference

discretisation can be written as

( ) ( ) ( ) ( )[ ] s1d1ref1d,ref1,ref1, 1 ��
����� ++−=ψψ . (2.42)

Note that if the resistive voltage component is not taken into account in the converter flux

integration, it should be also omitted in (2.41) and (2.42).

The formulation of the appropriate transformation from the q-axis voltage reference �1q,ref  to

the active power reference �ref is found by studying the equation of the converter active power

(Eq. (1.63)) in the synchronous reference frame. With per-unit quantities the scaling constant

may be omitted and the converter active power is expressed using the converter flux and current

vector components in the synchronous coordinates as

( ) 1q1s1d1q1q1ds 


� ψωψψω =−= . (2.43)

The last expression is due to the orientation of the synchronous coordinates. The multiplication

by the line angular frequency ωs can be omitted, because it is also left out from the power

estimator of the CFM. Assuming that the changes of the converter flux modulus ψ1 are

considerably smaller compared to the same of the q-axis current 
1q, the time derivative of the

converter active power may be approximated as
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��

�


��

�




��
�

��
�� 1q

1

1q

11q
1 ψψψ ≈+= . (2.44)

By substituting ���
1q  from Eq. (1.35) yields after rearrangement

( )1d11q2q111 
�����
��
��

� ωψ −−=+ . (2.45)

This result shows the relation of the q-axis converter voltage �1q to the active power of the

converter. Unfortunately, there are two additional terms, the q-axis component of the line

voltage �2q and the cross-coupling term ω�1
1d, which also affect �. However, expressing �2q

with (2.32) and replacing �1q with its reference (2.35) gives

1q111 ���
��
��

� ∆=+ ψ . (2.46)

Accordingly, the active power reference for the CFM is formed by feeding the product of the

modulus of the converter flux and the q-axis voltage reference excluding the rotational voltage

1sψω  into the first-order system ( ) ( )111 ����.
��

+= . The structure of the current control

including the decoupling and the calculation of the CFM references is depicted in Fig. 2.10.
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Fig. 2.10: CFCC with decoupling and calculation of the CFM references. In practical implementation the
filter parameters and the converter flux modulus are replaced with their estimates.

The slip angular frequency ∆ω has a discrete nature due to the jerky motion of the converter

flux vector and therefore it is infeasible to try to estimate its instantaneous value. For

decoupling purposes a simple approximation of ∆ω is therefore adequate. This is obtained by

investigating the q-axis converter voltage, which can be expressed as a sum of the rotational

voltage and the output of the current controller
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ref1q,1sq1 �� += ψω . (2.47)

Combining this with (2.40) the slip angular frequency can be solved as

1

1q1ref1q,

ψ
ω


�� +
=∆ . (2.48)

Neglecting the filter resistance �1 and assuming that �1q,ref is generated by the modulator, the

slip angular frequency may be approximated using the previous sample of the current controller

output as

( ) ( )
( )�
��

�
1

ref1q,

ˆ

1

ψ
ω

−
=∆ . (2.49)

In Fig. 2.11 and Fig. 2.12 the simulated current responses to a step change of the q-axis current

reference from 0 pu to 1.0 pu and to a step change of the d-axis current reference from 0 pu to

−1.0 pu are shown. In the simulations constant DC link voltages of 1.84 pu and 2.2 pu were

used respectively. In order to emphasise the cross-coupling between d- and q-axis the

simulations were conducted with a line filter inductance of 0.2 pu. Parameters of the current

controllers were �p = 0.5 pu and �i = 0.05 pu. The other simulation parameters correspond to the

test system 1 (see Appendix B).

From Fig. 2.11 it is seen that the proposed decoupling scheme removes effectively the cross-

coupling between the synchronous-frame components indicating the independent control of the

current components. The difference is, however, insignificant even though no decoupling was

used. In fact, this is even more clearly seen from the d-axis current step response, where the

cross-coupling is originally almost unobservable. The main reasons for a weak cross-coupling

are the converter-flux-oriented synchronous coordinates and the active power feedback loop of

the CFM. These features are further discussed in the next section.
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Fig. 2.11: Simulated q-axis current step response for CFCC. a) no decoupling, b) with proposed
decoupling.
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Fig. 2.12: Simulated d-axis current step response for CFCC. a) no decoupling, b) with proposed
decoupling.
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In the previous section, a converter-flux-based current control scheme with decoupling was

presented. From the simulated current step responses it was discovered that the cross-coupling

effect in the CFCC is originally very small. The converter flux orientation (CFO) and the active

power feedback loop of the CFM were given as explanations. Now, a more thoroughly

discussion about the topic is given.
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For convenience, the differential equations (1.34) and (1.35) of the L-filter in the synchronous

coordinates are repeated here

q11d111dd2
d1

1 
�
���
��

�

� ω+−−= (2.50)

d11q111qq2

q1

1 
�
���
��

�

� ω−−−= . (2.51)

In the virtual-line-flux-oriented (LFO) coordinates (see Fig. 2.13), where the real axis of the

synchronous reference frame is fixed to the virtual line flux vector ψ2, rotating with the angular

speed ωs, the d-axis component of the line voltage �2d = 0 and the q-axis component can be

expressed using (2.29) as 2s2q ψω=� . Using these relations and replacing ω  with ωs the L-filter

model in the LFO coordinates can be written as

LFO

1q1s

LFO

1d1

LFO

1d

LFO
1d

1 
�
��
��

�

� ω+−−= (2.52)

LFO

1d1s

LFO

1q1

LFO

1q2s

LFO

1q

1 
�
��
��

�

� ωψω −−−= . (2.53)

An interesting observation from these equations is that if the quantities denoted with subscripts

1 and 2 are regarded as stator and rotor quantities respectively, and ωs is considered to be the

electrical angular speed of the rotor, (2.52) and (2.53) desrcibe a non-salient pole PMSM.
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Fig. 2.13: Virtual-line-flux-oriented (LFO) synchronous reference frame. The vector diagram illustrates a
situation where a PWM rectifier with an L-type line filter operates with a unity input power factor. The
line filter resistance is not taken into account.
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For the converter-flux-oriented (CFO) coordinates (see Fig. 2.8), where the real axis of the

synchronous reference frame is fixed to the converter flux vector ψ1, the substitution of the line

voltage components from (2.31) and (2.32) into (2.50) and (2.51), respectively, along with the

definition (2.33) for ω, yields the L-filter model in CFO coordinates as

CFO

1q1

CFO

1d1

CFO

1d

CFO
1d

1 
�
��
��

�

� ω∆+−−= (2.54)

CFO

1d1

CFO

1q1

CFO

1q1s

CFO
1q

1 
�
��
��

�

� ωψω ∆−−−= . (2.55)

Comparing the CFO model with the LFO model two changes are observed: the virtual line flux

modulus ψ2 is replaced by the converter flux modulus ψ1 and in cross-coupling terms the

angular frequency ωs is substituted by the slip angular frequency ∆ω. These two changes are

responsible for the significantly different cross-coupling behaviour of the CFO current control

compared to the LFO current control. This is shown in the following examples where both the

LFO and the CFO current control responses in the respective reference frames without dq-axis

decoupling are compared.

���������.���


If 
1q,ref is greater than 
1q, a positive q-axis voltage across the inductor �1 is required to achieve

the reference. Depending on the orientation this is accomplished by supplying a q-axis

converter voltage that is smaller than the rotational voltage ωsψ2 (LFO) or ωsψ1 (CFO) causing

that the converter flux vector rotates slower compared to the virtual line flux vector. If LFO

1d� is

not changed, it is seen from (2.52) that the increase of LFO

1q
 results in the positive derivative of

LFO

1d
  and the d-axis current increases also.

In the CFO the slower rotation of the converter flux vector is seen as a negative slip angular

frequency ∆ω < 0 causing that the signs of the cross-couplings are instantaneously changed and

the increase of CFO

1q
  results in the negative derivative of CFO

1d
 . This explains why the d-axis

current decreases at first in Fig. 2.11a. After this, when the actual CFO

1q
  approaches its reference

the slip angular frequency ∆ω → 0 and the cross-coupling becomes zero.

If 
1q,ref is less than 
1q, a negative q-axis voltage across the filter inductor is created by supplying

a q-axis converter voltage that is greater than the rotational voltage ωsψ2 (LFO) or ωsψ1 (CFO).

Now, the converter flux vector ψ1 rotates faster than ψ2 and the slip angular frequency ∆ω  > 0.
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Although the signs of the cross-coupling terms are not affected now, their effects are however

reduced in the CFO compared to the LFO, since the magnitude of the slip angular frequency is

in time average sense considerably smaller than ωs. This is seen by examining the maximum

attainable positive and negative q-axis voltages with given DC link voltage �dc.

Fig. 2.14 shows a situation where the synchronous coordinate axes as well as the converter

voltage vectors are fixed to the tip of the converter flux linkage vector locating in sector 1.

Besides the conventional stationary frame numbering, the converter voltage space vectors are

also named according to their orientation in the dq-frame. Plus (+) and minus (-) signs can also

be interpreted as influences of the corresponding voltage vector on the converter flux modulus

and the acitive power. It is also important to note that the dq-frame naming of the converter

voltage vectors is sector-dependent.

Defining ξ, ξ� ∈  [0, π/3] as the angle of the converter flux vector inside a sector, the dq-

components of the voltage vectors increasing the slip angular frequency are given by

ξcos
3

2
dc

qd
1q �� =++ (2.56)






 −=+− ξ

3
cos

3

2
dc

qd

1q �� (2.57)

which shows that the maximum positive q-axis voltage is �1q,max = 2/3�dc and it is achieved at

the sector borders when ξ = 0 or ξ = π/3. Neglecting �1, the maximum positive value of the slip

angular frequency ∆ω is obtained from (2.40)

s

1

dc
s

1

max1q,

max 3

2 ω
ψ

ω
ψ

ω −=−=∆
��

. (2.58)

For typical pu-values of the DC link voltage �dc (1.75…2 pu) and the converter flux modulus ψ1

(≈ 1.0 pu) the maximum positive value of ∆ω varies between 1/6…1/3 pu, which is

significantly lower than ωs.

If zero voltage vectors are used instead of the opposite voltage vectors, the smallest attainable

q-axis voltage �1q,min = 0 and it is reached when a zero voltage vector is applied. At that moment

the instantaneous slip angular frequency gains the value ∆ω = −ωs, which is also the maximum

negative value of ∆ω.
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Fig. 2.14: Synchronously rotating dq-coordinates fixed to the tip of the converter flux linkage vector. The
converter voltage vectors are named in stationary and rotating reference frames.
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The case of the d-axis current change is much easier to analyse because, in an ideal case, the

phase angle χ do not change when 
1d is changed implying thus the slip angular frequency

∆ω = 0. According to (2.52) and (2.53) the cross-coupling in the LFO coordinates remains but

in the CFO the cross-coupling terms disappear. There is, however, a coupling from the d-axis to

the q-axis through the converter flux modulus ψ1 in the CFO, but, as it was discussed earlier,

this term is always inherently compensated by the active power hysteresis control of the CFM.

If some other modulation method is applied with the CFO current control this rotational voltage

component ωsψ1 must be added as a feedforward term to the q-axis PI controller output ∆�1q to

remove this cross-coupling.

��!�����
������ 

In the following the previously made comparison and conclusions are illustrated by numerical

simulations. The simulations are conducted using the same parameters as in section 2.1.4 and

assuming that the q-axis current controller is provided only with the respective rotational

voltages ωsψ2 (LFO) and ωsψ1 (CFO) by the feedforward branch. In the CFCC this voltage

component is inherently produced by the CFM and in the LFO current control it can be

straightforwardly obtained from the line voltage measurement or from the line voltage observer.
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The modulator is modelled as ideal so that only the effect of the reference frame orientation is

investigated, not the performance of the different modulation methods.

To obtain fair and comparable results for both synchronous coordinates the investigated

examples are selected to be such that they are equal from the mains point of view. This equality

is achieved by determining such current references which draw the same active and reactive

power from the grid independent of the reference frame. For the LFO the current references are

easily obtained from (1.62) and (1.68), when they are expressed with the synchronous reference

frame vectors. Assuming the virtual line flux modulus ψ2 = 1 pu and ωs = 1 pu, the conditions

of  � = 1 pu and 4 = 1 pu are achieved with the current references pu1LFO

ref1q, =
 and pu1LFO

ref1d, =


respectively. For the CFO the corresponding current references can be solved from (1.63) and

(1.69)

1

refCFO

ref1q, ψ
�


 = (2.59)

( )
1

ref

2

1q11

2

11CFO
ref1d, 2

4

�

4
��



−−+−
=

ψψ
. (2.60)

The derivation of the latter equation is discussed later in section 3.4.1.

The results shown in Fig. 2.15 and Fig. 2.16 confirm the conclusions made in the previous

analysis. There is a strong coupling between axes in the LFO current control, whereas in the

CFO the coupling is practically negligible. Furthermore, from Fig. 2.16 it is seen that the small

deviation in the d-axis current is decreased along the reduction of ∆ω indicating that the cross-

coupling in the CFO truly depends on the slip angular frequency. It can be thus concluded that

by using the CFO reference frame the dq-axis decoupling can be avoided and a simple

parameter insensitive synchronous coordinates current control is obtained.
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a)

b)

Fig. 2.15: a) Q-axis and b) d-axis step responses for LFO current control without decoupling. The upper
and lower plot show the current references and actual current values in the LFO and in the CFO reference
frame, respectively. The behaviour of the slip angular frequency ∆ω is also shown. In practice the values
of ∆ω would be limited by the maximum positive and negative q-axis converter voltages.
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a)

b)

Fig. 2.16: a) Q-axis and b) d-axis step responses for CFO current control without decoupling. The upper
and lower plot show the current references and actual current values in the LFO and in the CFO reference
frame, respectively. The behaviour of the slip angular frequency ∆ω is also shown. In practice the values
of ∆ω would be limited by the maximum positive and negative q-axis converter voltages.
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In most cases, control design of three-phase PWM rectifiers has been done assuming that the

modulation process affects the system small-signal behaviour only at higher frequencies and

contributes only to higher-order dynamics (Hiti and Boroyevich, 1996). Therefore, in the

control system analysis the modulator is usually modelled as ideal or a time delay. However, if

the frequency characteristics of the modulation strategy are examined and taken into account,

the modelling inaccuracies can be reduced and the performance of the control system improved.

Evaluation of the frequency characteristics of the modulation method becomes especially

important, if some unusual approach, such as the CFM, is applied to generate the switching

signals.

Hiti and Boroyevich (1996) derived a small-signal model for a space vector modulator in the

rotating coordinates. The partly analytical and partly numerical analysis approach was based on

the results introduced in the telecommucation literature treating the modelling of a pulsewidth

modulator in DC-DC converters and the spectrum analysis of the different modulation

techniques. The analysis of those revealed that besides introducing time delays into the control

inputs the space vector modulator also causes some additional coupling between d- and q-axis.

Fortunately, the cross-coupling gains were found to be well below the respective gains of the

direct transfer functions, thus implying that the cross-coupling can usually be neglected.

Now, the similar characteristics of the CFM are investigated. Analytical approaches, however,

would be confronted with a number of difficulties due to the nonlinearities, such as hysteresis

comparators, of the CFM. Additional problems would also arise from the look-up-table-based

switching signal generation. Therefore, the frequency characteristics of the CFM are determined

numerically as described in the following.

First, one of the components of the voltage vector references in the rotating coordinates �1d,ref or

�1q,ref is replaced with a sinusoidal perturbation signal

( )��� ω~cos~~
refref1, = (2.61)

where ref
~� is the reference amplitude of the perturbation signal. Then, the spectra of the

simulated output voltages �1d and �1q are calculated using the discrete Fourier transform (DFT).

Thereafter, the amplitude and the phase of the perturbation frequency ω~ components of the

spectra are compared with the amplitude and phase of the sinusoidal perturbation signal (2.61)
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in order to determine the changes in magnitude and phase. A schematic diagram of the proposed

analysis approach for determining the frequency responses of the CFM is shown in Fig. 2.17.

In simulations the DC link voltage �dc is kept constant and so high that the limit of the linear

modulation range is not exceeded. The hysteresis bands for the error of the squared converter

flux modulus and the active power are selected as 0.005 pu and 0 pu respectively. These

selections yield about 4.5 kHz average switching frequency when the sampling period of the

CFM �s,CFM = 25 µs. To find out whether the line filter parameters influence on the CFM

characteristics, the frequency responses are evaluated for six different pairs of �1 and �1 listed

in Table 2.1.

.
��

(�)

�2a �2b �2c

�1a

�1b

�1c

1ψ̂

�1q,ref = 0 �ref

ref1,ψ
.

�ψ(�)
ref1,ref1d,

~
�� =

CFM

�dc

�1


1a


1b

�!a

�!b

�!c

abc

dq
�1q

�1d

 

To spectral
analysis

Fig. 2.17: Schematic diagram of the simulation approach for determining the frequency responses of the
CFM.

Table 2.1: Line filter parameters used in numerical evaluation of the frequency response of the CFM.

�1 [pu] �1 [pu] Symbol
0.05 0.005
0.05 0.01 ×
0.1 0.005
0.1 0.01 ◊
0.2 0.005 ∇
0.2 0.01 ∆

From the results shown in Fig. 2.18 and Fig. 2.19 along with the magnitude and phase curves of

the time delay equal to the sampling period �s,CFM it can be concluded that both direct transfer

functions �1d/�1d,ref and �1q/�1q,ref are in rather good agreement with the response of the pure time

delay. The cross-coupling between d- and q-axis seems to be negligible also in the case of the
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CFM. Thus, in view of the current control, the bandwidth of which is typically below 1 kHz, the

assumption that the modulator can be modelled as "1" is reasonable. The results also show that

the filter parameters have practically no effect on the frequency characteristics of the CFM. The

small deviation of the points at frequencies � > 2 kHz is due to the frequency resolution of the

modulator, which becomes rather coarse in the kilohertz range due to fixed minimum

pulsewidth.
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Fig. 2.18: Simulated frequency responses of a) �1d/�1d,ref and b) �1q/�1q,ref (symbols). For comparison, the

magnitude and the phase curves of the time delay CMFs,e ��−
, where �s,CFM = 25 µs, are also illustrated (solid

lines).
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Fig. 2.19: Magnitude plots of the simulated frequency responses for a) �1q/�1d,ref and b) �1d/�1q,ref. The
phase plots are omitted due to numerical inaccuracies resulting from the small cross-coupling gain.
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In this section the state-space model

)()(

)()(

��

��
��
�

	� 

����
�

=

+=
(2.62)

where �, � and   are the state, input and output vector, respectively and the input-output model

)()()( ��� -), = (2.63)

where the transfer function matrix is obtained as

[ ] ��+	) 1)( −−= �� (2.64)

are formed for the converter-flux-based current controlled PWM rectifier. In the case of a PWM

rectifier the state vector � = [
1d 
iq]
T and the input vector consists of the converter voltages in

synchronous coordinates � = [�1d �1q]
T. The output vector   = � = [
1d 
iq]

T.

If decoupling is not used but the CFM is applied Eqs. (2.54) and (2.55) may be written in state-

space form as
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. (2.65)
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The state-space model for the LFO current control is obtained from (2.65) by replacing

∆ω�with ωs, provided that the rotational voltage ωsψ2 is added to the q-axis current controller

output. Note that (2.65) is actually a nonlinear model due to the slip angular frequency ∆ω,

which basically is a function of the current components. However, if it is considered as a

parameter, the Laplace tranformation and transfer functions may be applied.

Because both current components are measured (	 = +) the transfer function matrix for the

CFCC is obtained as

( ) ( )2

1

2

11

111

111

)(

)(

1
)(

������

����

����

��
�

ω

ω
ω

∆++=









+∆−

∆+
=)

(2.66)

which may be rewritten as









=

)()(

)()(
)(

qqqd

dqdd

�.�.

�.�.
�) (2.67)

where .dd(�) = .qq(�) = (��1 + �1)/�(�) and .dq(�) = −.qd(�) = ∆ω�1/�(�). From this form the

reduction of the cross-coupling in the CFO current control is easily observed, since when

∆ω�→ 0, .dd(�) and .qq(�) → 1/(��1 + �1), whereas .dq(�) and −.qd(�) → 0.
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The two main goals of this chapter are:

− To introduce straightforward design methods for all PI-type controllers used in the

converter-flux-based current controlled PWM rectifier.

− To suggest line-voltage-sensorless reactive power control methods for the converter-

flux-based current controlled PWM rectifier with L- and LCL-type line filter.

The design method used for the current controllers is based on the concept 
�������� "����

������� (IMC), which was originally introduced by Morari and Zafiriou (1989) for chemical

process control. Thereafter, the method has been successfully applied to the design and

implementation of the current control of AC machines (Thoman and Boidin, 1991; Harnefors

and Nee, 1998) and active power filters (Sedighy et al. 1999; Park et al., 2001). The benefits of

the IMC are that for low-order systems PI- or PID-type controllers are obtained, the parameters

of which are expressed directly in certain system parameters and in the desired closed-loop

bandwidth. The significance of this is that the tuning procedure of the current controllers is

considerably simplified and the need for trial-and-error steps is reduced. A brief introduction to

the IMC is given before the design of the current controller. After the controller design

implementation aspects of the current control are discussed.

In Section 3.3 the DC link subsystem consisting of the DC voltage dynamics of the intermediate

circuit and the DC voltage controller is designed. For a fast disturbance rejection a novel

feedforward control concept based on the estimated DC link load current is proposed (Pöllänen

et al., 2002).

In the remainder of this chapter the line-voltage-sensorless reactive power control schemes for

CFCC PWM rectifiers are introduced. These results are also published recently in (Pöllänen et

al., 2003).

2/�� +��
�����!
�
���
���
�

The stucture of the IMC is depicted in Fig. 3.1. IMC is considered to be a robust control method

and it may also be regarded as a special case of the classic feedback control system structure as

illustrated in Fig. 3.2. The name internal model control derives from the fact that the control

structure includes an internal model )m(�) in parallel with the controlled process )(�). )c(�) in

the figures denotes the IMC controller. In general )m(�), )(�) and )c(�) are transfer function

matrices. For a PWM rectifier � and   are the converter voltage and current vectors (expressed
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in matrix form), respectively, � = [
1d,ref  
1q,ref]
T is the converter current reference vector and �

represents the measurement noise.

)c(�) )(�)

)m(�)

+

+

_

_

�(�)  (�)�(�)


(�)

�(�)

Fig. 3.1: Structure of the IMC.

)f(�)

)(�)

)m(�)

+

+

_

�(�)  (�)�(�)
(�) +
)c(�)

�(�)

Fig. 3.2: IMC illustrated as a classic feedback control system structure.

In Fig. 3.2 the ordinary series controller )f(�) can be represented as

[ ] )()()()( c

1

mcf ���� )))+) −−= (3.1)

where + is the identity matrix. To achieve an integral action the steady-state gain of the

controller (3.1) should be infinite. This is obtained by making )c(0))m(0) = +.

If the internal model matches the process, i.e. )m(�) = )(�), the feedback signal 
(�) in Fig. 3.1

is zero (if the disturbance � is disregarded) and the closed-loop system is given by

)()()( ccl ��� ))) = . (3.2)

The system from � to   is thus effectively the same as the open-loop system in Fig. 3.1 and it is

stable if and only if )(�) and )c(�) are both stable. This result has very profound implications

for the control system design, because it provides a simple parametrisation of ��� stabilising

controllers )f(�) for )(�) in terms of the stable transfer function )c(�) (Morari and Zafiriou,

1989).
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Now, it would be attractive to cancel all process dynamics and achieve )cl(�) = + by letting

)()( 1

c �� −=)) . However, this approach cannot be accomplished in practice due to several

reasons (Harnefors and Nee, 1998):

− If )(�) has right-half-plane (RHP) zeros, )-1(�) will be unstable.

− Typically )-1(�) is not proper − the degrees of the numerators of the elements are higher

than that of the denominators − and it cannot then be implemented.

− Attempts to cancel the process dynamics will result in a large magnitude of the control

signals.

− The method is very sensitive to modelling errors.

However, with some modifications these problems may be resolved and the approach can be

used. Firstly, the process )(�) is factorised as

)()()( MA ��� ))) = (3.3)

where )A(�) is the ������� portion of )(�), including all RHP zeros and time delays and )M(�)

is the "
�
"�"7����� portion of )(�). Now making

)()( 1

Mc �� −=)) (3.4)

a stable controller is obtained. Secondly, to obtain a proper controller and to reduce the system

sensitivity to modelling errors the controller is detuned with a lowpass filter )L(�)

)()()( L

1

Mc ��� ))) −= (3.5)

which is defined as a diagonal matrix

( ) ( ) ( ) 
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�

�

�

�

�
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�

���
�

α
α

α
α

α
α

,,,diag)(
2

2

1

1
L �) (3.6)

where α� is a design parameter, �� is the number of the process outputs and � is a positive

integer chosen suffiently large to make )c(�) proper. The selection of the design parameter α� is

a trade-off between the closed-loop performance and the robustness of the control.

Let us finish this introduction to the IMC by examining a special case which has a great

importance considering the following tuning of the current controllers. When )(�) contains

neither time delays nor RHP zeros and � = 1 is enough to make )c(�) proper, with all α� = α the

following results are obtained from (3.5) and (3.1)



84

)()()()( 1
L

1
c �

�
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(3.7)
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The closed-loop system is now given by

+)))
α

α
+

==
�

��� )()()( ccl (3.9)

which represents decoupled first-order systems with a bandwidth1 α.

2/1� (
�����
���.
�����
����
���
��
��

Now the IMC is applied to design the current controllers of the CFCC. A similar application of

the IMC has been previously published by Harnefors and Nee (1995; 1998) for PMSMs and

IMs. The main difference between Harnefors’ and Nee’s articles and this work is that now a

PWM rectifier and especially the CFO current control of it (corresponds to the stator-flux-

oriented control of AC machines) is considered, rather than the LFO current control, which

would have been the counterpart for the rotor-oriented current controlled PMSM.

The inverse transfer function matrix of the CFCC is obtained from (2.66) as


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

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
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∆−+
=−

111

1111 )(
����

����
�

ω
ω

) . (3.10)

Separation of the diagonal and antidiagonal elements of (3.10) yields
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���

���
��

ω
ω

�)) . (3.11)

When decoupling as discussed in Section 2.1.4 is used, it may be considered as an inner

feedback loop as illustrated in Fig. 3.3, giving that the controlled system is expressed as

[ ] ( )[ ]
[ ] )()(

)()()()()()(
-1
diag

11

111

d

��

������

)�)

)�)))�)+)

=+=

+=+=
−−

−−−

. (3.12)

                                                

1 Bandwidth of a system described by a real-valued transfer function � is defined as the frequency ωB for which

( ) ( ) 20j
B

�� =ω .
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Fig. 3.3: Decoupling scheme represented as an inner feedback loop.

Using now (3.8) for )()()( 1

diagd ��� −== )))  the equivalent series controller )f(�) is found
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which compared to the transfer function matrix representation of two separate PI controllers
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gives the PI controller parameters in the system parameters and the design parameter α as

�p = α�1 (3.15)

�i = α�1. (3.16)

If the PI controller is represented in a standard form







+=

i

pPI

1
1)(

��
1�. , (3.17)

the proportional gain and the integral time are 1p = α�1 and �i = �1/�1, respectively. The result

for �i implies that the controller designed with the IMC method cancels the poles of the plant.

In equations (3.15) and (3.16) the key result of the IMC approach is expressed. Current

controller parameters are directly given in line filter parameters and the desired closed-loop

bandwidth.
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����
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Despite the fact that the current controllers were designed for the L-type line filter, the same

procedure applies also to the LCL-type line filter. This may be justified by the fact that the

bandwidth of the current control is practically always well below the resonance frequency −



86

which typically is around 1 kHz − where the LCL-filter behaves like an L-filter (see Fig. 1.4).

Besides, it is not feasible to extend the bandwidth above the resonance frequency due to the

rapidly increasing attenuation of the LCL-filter.

In dynamical state, fast transients may however cause ringing in the LCL-filter. This can be

remedied by filtering the current references slightly (Ollila, 1994) or by using a smaller value of

the design parameter α compared to the L-filter design. If these measures do not attenuate the

filter oscillations enough or the resonance problem originates from the line voltage harmonics

rather than from the converter control either passive or active damping discussed e.g. in (Blasko

and Kaura, 1997b; Liserre et al. 2002) can be applied.

������ *����	�
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��	�����
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��

��'��
��
	�

Specifications for a control system design often involve certain requirements associated with

the time response of the system. Usually, the requirements for a step response are expressed in

terms of the standard quantities such as �
����
"���r, �����
����
"� �s and "�#
"�"�����������2p

(Franklin et al., 1998). Now, when the expected close-loop system is given by the first-order

system (3.9), the closed-loop system response is sufficiently specified by the rise time �r. The

rise time, defined as the time needed to take the step response from 10 % to 90 % of its steady-

state value, is related to the system bandwidth ωB and thus also to the design parameter α as

αω
9ln9ln

B

r ==� . (3.18)

This relation is easily derived from the equation of the step response of the transfer function

(3.9) and it gives an appropriate selection criterion for the closed-loop system bandwidth ωB

and for the design parameter α. What would then be a sufficient value for �r to be strived for?

Harnefors (1997) has stated that the ideal value of α, calculated with (3.18), may have to be

limited due to mainly two reasons: 1) switching and sampling frequencies of the converter and

the control system, respectively, and 2) converter saturation. If IGBT converters with a DSP-

based control system are used, the first item seldom represents a practical constraint. For GTO

and IGCT converters, however, the low switching frequency plays a significant role and,

according to Harnefors (1997), the rule-of-thumb α ≤ ωsw/5 may be used. The symbol ωsw

denotes the angular frequency calculated from the converter switching frequency �sw as ωsw = 2π

�sw. For the relation between the sampling rate and the close-loop system bandwidth, the typical

proposal ωs ≥ 10ωB, put forward e.g. by Middleton and Goodwin (1990), is recommended.
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The theoretical maximum amplitude of the converter fundamental phase voltage when the CFM

is used is bounded as (Tarkiainen et al., 2002)

( )2

dc

2

dc
2

max,1
2
1q

2
1d 606.0

3ln3
����� ≈





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



=≤+ . (3.19)

As a comparison the corresponding value when a space vector PWM is used is

( ) dcdc 606.032 �� ≈ (Choi and Sul, 1998). Neglecting the line filter resistance �1 and

assuming that the line voltage is almost aligned with the q-axis of the CFO reference frame, i.e.

�2d ≈ 0 and �2q ≈ �2, the following approximations hold

q111d
d1

1 
��
��

�

� ω+−≈ (3.20)

d111q2

q1

1 
���
��

�

� ω−−≈ . (3.21)

Considering now a step change of the d- and q-axis current reference separately, i.e. when the

current reference of one axis is changed, the current on the quadrature axis is assumed to be

well regulated to zero, we obtain

 0when , 1q

1d12ref1q,
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1d

1 =
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Using (3.19) for the converter voltage vector reference, the inductor voltages are expressed as
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1d12
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These can be further separated as follows
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where �d = 
1d,ref − 
1d and �q = 
1q,ref − 
1q. Because zero voltage vectors are used instead of the

opposite voltage vectors, the latter equation of (3.27) becomes

0when , q2

1q

1 >= ��
��

�

� . (3.28)

A numerical example of the inductor voltages shown in Fig. 3.4 for �dc = 2 pu, �1 = 0.1 pu,

ω = 1 pu, �2 = 1 pu as function of the d- and q-axis currents illustrates that the slowest current

response is met on the q-axis when the slope �
1q/�� < 0. Assuming that the DC link voltage is

constant, the minimum possible time ∆� for tracking the reference current is approximated as

( )0q

max,12

1qref1q,

1 <
−

−
=∆ �

��




�� , (3.29)

which may be applied to determine constraints for the rise time �r.

Fig. 3.4: Inductor voltages for �dc = 2 pu, �1 = 0.1 pu, ω = 1 pu and �2 = 1 pu. For the q-axis inductor
voltage the boundary values of (3.27) and (3.28) are given.
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Let us consider the PWM rectifier system with the same parameters as in Fig. 3.4. If �q =  − 1

pu, the minimum possible time for reference tracking is

ms5.1pu47.0

2
3ln3

1

1
1.0)pu( ≈∆⇒≈

⋅−

−⋅=∆ �� .

The desired rise time of 2 ms, for example, would therefore be reasonable. The corresponding

closed-loop bandwidth should be then selected as α = ln 9/(2⋅10-3 ⋅ 100π) ≈ 3.5 pu.

In the previous example the value –1 pu for �q was used although –0.9 pu would have been the

more correct value regarding the definition of rise time �r. However, the only purpose of the

discussion about the constraints set by the converter voltage boundaries is to give a hint of the

reachable rise time range. If the bandwidth corresponding to the rise time shorter than the

minimum possible time ∆� is selected, the converter may saturate at transients and the actual

rise time will be longer than that given by the formula ln 9/α. Thus, it is not worth designing the

closed-loop system with a bandwidth high enough to saturate the converter frequently, because

only a minor improvement in the response rise time may be gained. Moreover, the resulting

high controller gains will amplify the current measurement noise, which may degrade the

steady-state performance and distort the current waveform.

The converter saturation is, however, not so severe a problem with voltage source PWM

rectifiers as with inverters, since the operation of the PWM rectifier with respect to the DC link

voltage variations is just the opposite to that of the inverter. The DC link voltage reduction

degrades the performance of the load inverter and causes saturation. In the case of the PWM

rectifier the DC link voltage reduction, however, actually eases or has no practical effect on the

active power transfer of the PWM rectifier from the grid to the DC link, because the voltage

constraint of the converter does not limit the positive slope of the current (zero voltage vectors

are applied instead of opposite vectors).

In the opposite situation, where regeneration of the braking energy of the motor drive is

required, the increase of the DC link voltage increases the maximum amplitude of the PWM

rectifier phase voltage allowing thus steeper and steeper negative current slopes and faster

power transfer from the DC link to the grid. It may be thus concluded that from the PWM

rectifier point of view, the DC link voltage changes associated with the load power changes are

always favourable for the q-axis current control performance and the converter will not
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necessarily saturate. However, in applications where the PWM rectifier operates in a manner

similar to the regular inverter and without DC voltage control functionality the effect of the

converter saturation must be taken into account. Also in some special applications, such as

static var compensators and active power filters, the issue of the converter saturation needs still

to be considered.

������ ���	��'�������+��	�
�

So far in the design of the current control the line voltage has been assumed sinusoidal with

constant angular frequency ωs and amplitude �2. In practice, however, this is hardly ever true

because the real line voltage is more or less distorted by various electromagnetic disturbances

such as harmonics, voltage fluctuations and dips. In the following, the capability of the IMC

designed PI current control to reject line voltage disturbances is briefly discussed. In the

discussion a perfect converter flux estimation is assumed.

Any deviation of the line voltage waveform from the ideal, constant frequency and amplitude,

sinusoidal waveform may be regarded as a disturbance �~  acting on the process input as shown

in Fig. 3.5. The transfer function matrix )(dis �)  from the disturbance �~  to the output   is

[ ] )()()()()( dd

1

fddis �
�
�

���� ))))+)
α+

=+= − (3.30)

when ( ) ( )��� 1

df
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which shows that if α >> �1/�1, i.e. the closed-loop poles are considerably faster than the

process poles, a step disturbance will decay with the process dynamics giving a rather poor step

disturbance rejection. This is an inherent drawback of the control design methods, such as IMC,

which cancel slow process poles in order to get excellent response to setpoint changes.

)f(�) )d(�)
+

_

�(�)  (�)+ +

)(~ ��

�(�)

Fig. 3.5: Disturbance acting on the process input.
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The attenuation of the step disturbances may be improved by increasing the integrator gain �i

(reducing the integral time �i) or by using a feedforward control from the measured or estimated

line voltage. The latter option with measurement, however, is not in line with the objective of

the line-voltage-sensorless implementation of the CFCC and is thus disregarded.

The increase of the integrator gain �i is a trade-off between the disturbance rejection and the

overshoot of the step response. Some trial-and-error work shows that the integrator gain of

�i = 10α�1 is a reasonable trade-off between overshooting and disturbance rejection. In Fig. 3.6

the responses to a q-axis setpoint change and to a step disturbance voltage 2q
~� for the integral

gains �i = α�1 and �i = 10α�1 are compared. With a higher integral gain the settling time of the

disturbance response is reduced almost 90 % with a tolerable overshoot of 8 %.

Fig. 3.6: Simulated step response of the q-axis current controller for integral gains �i = α�1 and �i = 10α�1.

On the rejection of the disturbances originating from the harmonic voltages the previous

improvement has, however, no effect, because the increase of the integral gain �i increases the

disturbance attenuation only at frequencies ω�< α as shown in Fig. 3.7. Above α�the closed-loop

bandwidth )dis(jω) will have first-order system characteristics independent of the integral gain.

Thus the only alternative to improve the attenuation of the disturbances at frequencies ω� > α

with the PI control structure is to increase the closed-loop bandwidth. On the q-axis controller

this may not be possible unless the DC link voltage is increased. The d-axis controller may be

retuned with a higher value of α because shorter rise times are achievable due to the easier
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converter voltage constraints. According to the experiments, however, it has been found that

harmonics whose largest amplitudes range between 2…3 % of the fundamental component

amplitude do not usually cause significant problems in the current control.
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Fig. 3.7: Frequency responses for )dis(jω). �1 = 0.1 pu, �1 = 0.005 pu, α = 3.5 pu, �p = α�1, �i = α�1

(solid), �i = 10α�1 (dashed), �i = 20α�1 (dash-dotted) and �i = 40α�1 (dotted).

Alternatively the disturbance rejection of IMC can be speeded up by providing additional

damping to )(�). This can be accomplished by introducing an "active resistance" �a (Briz del

Blanco et al., 1999) in the inner feedback loop gain � in Fig. 3.3 as









∆−

∆
=

a1

1a

��

��

ω
ω

� . (3.32)

By substituting (3.32) in (3.12) the process model from the perspective of the outer feedback

loop is obtained as
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The setpoint tracking properties of the modified controller remain unchanged if the proportional

and integral gains are selected as

( )a1i

1p

���

��

+=
=

α
α

(3.34)
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which show that from the PI controller point of view the integrator gain is increased also in this

case. One might now conclude that the disturbance rejection could be improved without limit

by increasing �a. This is, however, incorrect because the inner feedback loop bandwidth is

inherently limited by the same constraints as the outer current control loop. Hence, the inner

feedback loop can be only made as fast as the closed-loop system, implying that the voltage

harmonics at frequencies ω� > α will still be fairly poorly rejected.

������ ,�������	�	�
�

The design and analysis of the current controllers in this work is done using continuous-time

models even though in practice the controllers are implemented in a discrete-time system

constructed around a digital signal processor (DSP). Anyhow, the continuous-time-based

approach is justified and will produce satisfactory correspondence between the true system and

the discrete-time approximation as long as the sampling frequency ωs is selected to be at least

10 times the closed-loop bandwidth ωB (Middleton and Goodwin, 1990).

(����
������
�

Before the differential equations of the controllers can be programmed into the control software,

they must be discretised. Using the backward difference discretisation method, the PI

controllers (3.14) with the inner decoupling loop, shown in Fig. 3.3, can be implemented as

( ) ( ) ( )
( ) ( ) )()()(

1
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�����
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��


��
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+−=

 (3.35)

where � is the state (integral) of the controller, 
 = � −  � is� the error current signal and the

decoupling matrix � is approximated with
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In the time average sense, over one sampling period �s, the voltage source converter is capable

of generating any voltage vector within the hexagon spanned by the six nonzero voltage vectors

depicted in Fig. 3.8b. Although the rise time constraints discussed in the previous section would

have been considered in the control design, it is possible due to unidealities and disturbances

that during transients the current controllers give such an voltage vector reference �1,ref, the tip

of which is outside the hexagon, thus exceeding the maximum available control voltage of the
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converter. In that case the voltage vector reference must be appropriately limited and the

problem called 
����������!
���� has to be dealt with. Otherwise, degrade control performance,

large overshoots and cross-coupling between d- and q-axis may occur.

There are several ways to limit the voltage vector reference (Ottersten and Svensson, 2002) and

to avoid the integrator windup, (Hodel and Hall, 2001). In this thesis, the ������ ������� �
"
�

(SVL) method (Ottersten and Svensson, 2002) is applied to limit the converter voltage vector

reference. This method is found very suitable when the controller output is given in space-

vector form and it does not require complex calculations. The integrator windup is dealt with

using the method known as  ���7��������
�� (Åström and Hägglund, 1995), which provides a

good antiwindup performance without additional parameters and tuning. In the following, the

basic principles of both these methods are given.
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Fig. 3.8: Voltage vector space for voltage source converter. Division of the vector space into six sectors a)
according to CFM principle, b) using sectors spanned by two adjacent nonzero voltage vectors. In b) the
xy-coordinate system to detect whether the voltage vector reference exceeds the maximum available
control voltage is given.
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A voltage vector reference exceeding the maximum available control voltage can be detected by

transforming the reference vector �1,ref to the xy-reference frame, introduced in Fig. 3.8b.

Before �1,ref may be transformed to the xy-coordinates, it must be first converted into the αβ-

reference frame as

( )[ ] γγ ψω j
1sref1q,ref1d,

j
ref,1

s

ref,1 eˆje ++== ���� , (3.37)
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where the rotational voltage term, or actually an approximation of it, 1sψ̂ω  has to be included in

the q-axis voltage reference. In practice, (3.37) is calculated in component form as

( )
( ) γψωγ

γψωγ
cosˆsin

sinˆcos

1sref1q,ref1d,ref,1

1sref1q,ref1d,ref�1

++=

+−=

���

���
(3.38)

where sinγ  and cosγ  are obtained as
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ψ
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Now, the voltage vector reference may be transformed to the xy-coordinates with

xy-js

ref1,

xy

ref1, e θ�� = (3.40)

where θxy is the angle between the α- and x-axes. θxy is defined (Ottersten and Svensson, 2002)

by

( )[ ]
6

121xy −+= �θ (3.41)

where � is the sector where s ref1,�  is located. When CFM is applied, the determination of � can be

avoided by approximating θxy using the sector information κ of the converter flux vector

estimate 
s

1
ψ̂  (see Fig. 3.8a) as

( )
6

21xy κθ += . (3.42)

This approximation is based on the assumption that the voltage vector reference is almost

alligned with the q-axis. Although (3.42) may introduce a small short-term error into the limit

detection near to the sector borders, its simpler and more straightforward implementation in the

CFM-based control system compared to (3.41) compensates this slight performance

degradation. The implementation of (3.42) is easily done by storing the sine and cosine of θxy as

a function of κ into a look-up table, which is then directly addressed using the pointer formed

with κ.

A condition for the voltage vector reference exceeding the hexagon is given by

3
dc

ref1x,

�
� > . (3.43)
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If the condition holds, the components of the voltage vector reference are modified according to

the SVL method as

3
dc

ref1x,

�
� = (3.44)

ref1x,

ref1y,

ref1x,ref1y, �

�
�� = (3.45)

where ref1x,�  and ref1y,�  are the components of the limited voltage vector reference expressed in

the xy-coordinates. After limitation, the modified voltage vector reference xy

ref1,� is then

transformed back to the stationary αβ-reference frame and further to the synchronous dq-

coordinates. To obtain an appropriate reference for the CFM, the rotational voltage term 1sψ̂ω

must be now extracted from the modified q-axis voltage reference.

Considering more closely Eqs. (3.44) and (3.45) it is indicated that the SVL method produces a

voltage vector reference that is oriented in the same direction as the original reference but its tip

is on the hexagon, as illustrated in Fig. 3.9.
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Fig. 3.9: Principle of the space vector limit method (Ottersten and Svensson, 2002).
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The idea of back-calculation is to calculate during the converter saturation the equivalent error

signal 
 which would yield the limited reference � . This is obtained from (3.35) as

( ) ( ) ( ) ( )[ ])(1
1

sip

����
���

�  ���
 +−−
+

= . (3.46)

Then the controller integrators are updated using this back-calculated error signal

( ) ( ) ( )����� 
�� si1 +−= . (3.47)
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Note that if ( ) ( )�� �� = , then ( ) ( )�� 

 = . The block diagram of the current controller including

the voltage vector reference limitation algorithm and the integrator antiwindup is depicted in

Fig. 3.10.
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Fig. 3.10: Block diagram of the current controller with decoupling, space vector limit method and back-
calculation antiwindup.
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Let us finish the controller design with two numerical examples and simulations. A PWM

rectifier with the following data is considered:

− L-filter: �1 = 0.1 pu, �1 = 0.005 pu

− LCL-filter:  �1 = 0.1 pu, �1 = 0.005 pu, �2 = 0.1 pu, �1 = 0.005 pu, - = 0.1 pu, �� = 0

DC voltage �dc = 2 pu and the line voltage �2 is assumed ideal with a constant amplitude of 1 pu

and frequency of 50 Hz.

Using the above data and the example 3.1 the closed-loop system rise time of 2 ms for the L-

filter is obtained with the controller parameters �p = 0.35 and �i = 0.0175.

In the case of the LCL-filter the desired rise time is selected twice as the L-filter rise time i.e. 4

ms because the total inductance is doubled. This gives as a result a closed-loop bandwidth of

α = 1.75 and the controller parameters of �p = 0.35 and �i = 0.0175. In order to attenuate the

filter ringing during the transient, the current references are prefiltered using a lowpass filter,

the time constant of which is selected half of the desired closed-loop system rise time. In a

practical implementation where the DC voltage controller provides 
1q,ref, prefiltering should be

omitted or the filter bandwidth should be at least selected to be considerably higher than in the

previous example. A filter cut-off frequency at one decade higher than the closed-loop current

control bandwidth suffices, for example.



98

In the simulations the responses to the following sequence of the q- and d-axis setpoint changes

are evaluated:

� [ms] 0 10 60

1q,ref [pu] 0 1.0 0

1d,ref [pu] 0 -1.0 0

In the d-axis response simulation with the LCL-filter the DC link voltage is increased to 2.2 pu

to prevent the converter saturation.

The results for the L-filter are depicted in Fig. 3.11 and Fig. 3.12 and for the LCL-filter in Fig.

3.13 and Fig. 3.14. It is seen that the performance is very satisfactory for both types of line

filter. With the LCL-filter there is some damped oscillation in the line current components but

no tendency to instability or overcurrent problems cannot be recognised. The rise times

correspond well to the theoretical values of 2 and 4 ms.
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Fig. 3.11: Simulated q-axis current step response for L-filter. The dotted line shows the ideal response.

Fig. 3.12: Simulated d-axis current step response for L-filter. The dotted line shows the ideal response.
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a)

b)

Fig. 3.13: a) Simulated q-axis converter current step response for LCL-filter. The reference is prefiltered
using a lowpass filter in order to attenuate the filter ringing. b) Corresponding line current components in
LFO coordinates.
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a)

b)

Fig. 3.14: a) Simulated d-axis converter current step response for LCL-filter. The reference is prefiltered
using a lowpass filter in order to attenuate the filter ringing. b) Corresponding line current components in
LFO coordinates. In the simulation the DC link voltage �dc = 2.2 pu.
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Ideally the converter active power is given by

1qref,1s1q1s1 2

3

2

3


� ψωψω == . (3.48)

Assuming an ideal converter bridge without any energy storage components, the powers

between the converter AC and DC sides are balanced �1 = �dc. The instantaneous power

equation relating these power quantities with the DC link voltage is obtained by differentiating

the energy of the DC link capacitor

load1loaddc
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(3.49)

where �load is the load power, which is assumed to be independent of the DC voltage.

The small-signal transfer function for the DC voltage control design is found by linearising

(3.49) using the first-order Taylor series expansion

2

dc,0dcdc,0

2

dc 2 ���� −≈  (3.50)

where �dc,0 is the DC link voltage of the selected operation point. This yields

load1
dc

dc,0dc ��
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Substituting (3.48) and disregarding the load power we have
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The most obvious method to accomplish the DC voltage regulation is to use a PI controller
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dcp,dcPI,
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where the parameters between the standard form and the non-interacting form are related as

�p,dc = 1p,dc and �i,dc = 1p,dc/�i,dc. The block diagram of the overall DC voltage control loop

including the current control is shown in Fig. 3.15. In the figure .�(�) denotes the transfer
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function of the q-axis closed-loop current control and dc
~�  is the disturbance voltage resulting

from the load power �load.

.PI,dc(�) .dc(�)
+
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�dc,ref �dc
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�
(�)


1q

+

dc
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_

Fig. 3.15: DC voltage control loop.

The open-loop transfer function is given by

( )
( ) dcdci,
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dcdcPI, 1
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� +
+

=
α
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where �α = 1/α.

The method of �
""���
�����
"�" (Leonhard, 1996, Niiranen, 1999) is applied to design the PI

controller. It is a very suitable design procedure for systems containing a double integrator as

e.g. in (3.55). The controller parameters are found in terms of the process parameters and the

desired phase margin ϕ. The name results from the fact that according to this method the Bode

diagram of the open-loop transfer function is symmetrical with respect to the crossover

frequency ωc.

The crossover frequency ωc and the phase margin ϕ are related to the system parameters as

follows:

dci,

c

1

��α

ω = (3.56)

ϕ
ϕ

α cos

sin1dci, +=
�

�
. (3.57)

To obtain stability it is required that �i,dc > �α. The controller gain producing the unity

magnitude of the frequency response at the crossover frequency is calculated as

dci,dc

dc
dcp,

���

-
1

α

= . (3.58)



104

The design procedure is thus as simple as to first determine the integral time �i,dc for a given

phase margin ϕ from (3.57) and then calculate the controller gain 1p,dc using (3.58). Typically

values from 30° to 60° for the phase margin are recommended (Åström and Hägglund, 1995).

Performance of the DC voltage control tuned with the symmetric optimum method for

operation point �dc,0 = 2 pu and ψ1,ref = 1 pu is evaluated by simulations. The DC link

capacitance -dc = 2.96 pu (1.1 mF) and the desired phase margin is selected ϕ = 45° to give a

slightly underdamped response. The current control is designed according to example 3.1.

Fig. 3.16 describes a situation where the load power �load is stepwise changed from 0 to 1 pu. A

strong disturbance rejection capability is observed. The D-axis current reference is calculated

using (2.60) to keep the reactive power drawn from the grid to be zero.

In Fig. 3.17 the step response to the setpoint change from �dc,ref = 1.84 pu (600 V) to �dc,ref = 2.0

pu (650 V) is depicted. Also in this case a quite satisfactory performance is obtained. The

overshoot in the setpoint response is not a matter of concern because, typically, the DC link

voltage reference of the PWM rectifier is kept constant. However, if the overshoot has to be

reduced, it may be accomplished by prefiltering the DC voltage reference with a lowpass filter.
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Fig. 3.16: Response of the DC link voltage to the step change of the load power �load.



105

0 10 20 30 40 50
−0.5

0

0.5

1

1.5

2

2.5

Time t [ms]

[p
u]

i
1d,ref

i
1q,ref

i
1d

i
1q

u
dc,ref

u
dc

Fig. 3.17: Response of the DC link voltage control to a step change of the DC voltage reference �dc,ref from
1.84 pu to 2 pu.

������ ,�������	�	�
�

The implementation of the DC voltage controller closely follows that of the current controllers

in Section 3.2.2. Using the backward difference discretisation method, the discrete-time

representation of the DC voltage controller can be written as

( ) ( ) ( )
( ) ( )�
����


�����#�#

dcdcdcp,ref1q,

dcsdci,dcdc

)(

1

+=
+−=

(3.59)

where #dc is the state (integral) of the controller and �dc = �dc,ref – �dc. To avoid overcurrent

problems 
1q,ref must be limited -/1,max ≤ 
1q,ref  ≤ /1,max, where /1,max denotes the maximum

permissible peak current of the converter. To handle the integrator windup when 
1q,ref is limited,

the integration may be stopped or the back-calculation method can be applied. See Section 3.2.2

for details.
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In recent years intensive research has been done to reduce the size of the DC link capacitors of

the PWM rectifiers. One approach to achieve this goal is to measure or estimate the power

drawn by the load, which usually is a variable-speed AC drive (Kim and Sul, 1993; Uhrin and

Profumo, 1994). To estimate the load power, the motor inverter currents and the machine

parameters are needed. Also the mechanical speed of the motor has to be known. The obvious
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drawback of this method is that if the machine parameters are changed the load power estimate

fails. The additional measurements needed for load power estimation can also be regarded as an

unfavorable feature of the control system.

Another solution is to use the state feedback control, which is suggested to provide high

dynamic response of the DC link voltage regulation even without the power estimation

feedforward control (Uhrin and Profumo, 1996). Because the controlled system is multivariable

and nonlinear the implementation of the state feedback control is relatively difficult and the

computations involved are quite demanding on the real time execution speed (Uhrin and

Profumo, 1996). Furthermore, the response of the system will be desired only around the

operation point used in linearisation. Also the network voltage measurement is usually needed

for the reference frame orientation and disturbance compensation.

In the following, a feedforward control method based on the estimated load current for the

converter-flux-based PWM rectifiers is suggested. Then its performance is compared with a

pure PI control.

'���!���
��
���.
��
�������
��

In the CFM the switching state of the converter is known and available in the beginning of

every control cycle. Compared to pulsewidth modulators, which may be considered as open-

loop modulators, this is a benefit which may be utilised when a simple load current estimation

approach is considered.

The proposed load current estimation is based on the mathematical model of the DC link, Eq.

(1.52), which is repeated here

loaddc
dc

dc 


��
��

- −= . (3.60)

Approximating ��dc/�� with a backward difference

( ) ( )
s

dcdcdc 1

�

����

��

�� −−
≈ (3.61)

substituting (1.50) for the DC link current 
dc and neglecting the zero-sequence current, a

discrete-time estimate for the DC link load current 
load is obtained as

( ) ( ) ( ) ( )[ ] ( ) ( )
s

dcdc
dcload

1

2

3
)(ˆ

�

����
-�
��!�
��!�


−−
++= . (3.62)
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The load current estimated with (3.62) contains a high frequency ripple due to the discrete

nature of the switching vector components and the approximation of the time derivative of the

DC voltage. Thus the estimate must be filtered. The lowpass filter should provide enough

attenuation around the switching frequency with minimised time delay. Also the

implementation in the DSP environment should be as simple as possible.

Based on the simulations a cascade of two simple first-order lowpass filter with cut-off

frequency of 250 Hz was selected. In the range of the average switching frequency (3…5 kHz)

the attenuation of the filter is at least 40 dB. The response rise time from 10% to 90 % of the

steady-state value is 2.1 ms. The frequency responses of the continuous-time filter and its

discrete-time approximation with sampling period �s = 25 µs are shown in Fig. 3.18.
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Fig. 3.18: Frequency response of the lowpass filter of the load current estimate. Continuous-time model
(solid), discrete-time approximation (dashed) for sampling period �s = 25 µs.
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The idea of the feedforward branch is to force the output of the bypassed DC voltage controller

to the steady-state value corresponding to the power balance between the AC and DC sides.

Considering a steady-state with 
dc = 
load and �dc = �dc,ref, an appropriate feedforward signal to be

summed up with the DC voltage controller output can be solved from the equality

loadrefdc,dc1 
��� == (3.63)

from which, after substitution of (3.48), the following expression is obtained
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1s

loadref dc,

ff1q,

ˆ

3

2

ψω

�


 = . (3.64)

The block diagram of the DC voltage control and the q-axis current control with proposed load

current feedforward is shown in Fig. 3.19.
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Fig. 3.19: DC link voltage control with load current feedforward. See also the basic structure of the CFCC
shown in Fig. 2.10.

To investigate the performance of the proposed load current estimator and the feedforward

control, numerical simulations are carried out. The controller gains are the same as in the

previous current control and DC voltage control examples. The sampling period of the load

current estimation algorithm is 25 µs.

In the simulations the DC link voltage response to the following load changes are evaluated:

�����%: Load power �load steps from no-load to nominal load.

�����(: Load reversal from �load = 1 pu to �load = -1 pu.

The instantaneous power taken from the intermediate circuit is assumed to be independent of

the DC link voltage, which means that the load side inverter is capable of compensating the DC

voltage fluctuation. The load current is then calculated with

)(

)(
)(

dc

load
load ��

��
�
 = , (3.65)

To simulate the real implementation in the digital control system the resolution of the voltage

and the current measurements are also considered. The DC voltage reference in all simulations

is 650 V (2.0 pu).

Fig. 3.20 and Fig. 3.21 illustrate the results. The load current feedforward is seen to slightly

reduce the maximum deviation of the DC voltage compared to the pure PI control. The

difference is however not significant. Instead, the settling times of �dc are somewhat increased
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with feedforward due to the slight oscillations. Some characteristic figures from the responses

are collected in Table 3.1.

As a conclusion it may be stated that, according to the simulations, there is practically no reason

to use the proposed load current feedforward if the DC voltage PI controller is designed using

the symmetric optimum mehod.

Fig. 3.20: Simulated DC link voltage response and load current estimation when the load power �load steps
from 0 to 1 pu and then to –1 pu. A pure PI controller is used.

Fig. 3.21: Simulated DC link voltage response and load current estimation when the load power �load steps
from 0 to 1 pu and then to –1 pu. A PI controller with load current feedforward is used.
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Table 3.1: Comparison of maximum DC voltage errors �dc,max and settling times �s for DC voltage control.

PI control PI + feedforward control
Step 1 Step 2 Step 1 Step 2

Maximum deviation
�dc,max [pu]

0.17 -0.29 0.12 -0.23

Settling time (2 %)
�s [ms]

8.0 10.7 10.2 14.0

2/3� �
�����
�"
0
���
���
�

In the introductory chapter it was suggested that in the converter-flux-based-controlled PWM

rectifiers the reactive power may be directly controlled by regulating the converter flux linkage

modulus. Now, due to the introduction of the current controllers, the objective of the reactive

power control is converted into the determination of the appropriate direct axis current

reference 
1d,ref so that the commanded reactive power 4ref is achieved. Of course, it should be

remembered that the desired reactive power might not always be feasible due to the maximum

current rating of the converter and the level of the DC voltage. In addition, the lack of the line

voltage measurement as well as the CFO synchronous reference frame complicates the reactive

power control.

��(��� .����	��

Replacing the stationary coordinates quantities in (1.69) with the respective synchronous

coordinates quantities, the reactive power 4 can be expressed as

( ){ } ( ) ( )2

11d11s

2

1q1

2

1d1d11s1

*

111s 2

3

2

3
Re

2

3

�

�
�


�4 +=++=+= ψωψωψω . (3.66)

By substituting 4 with its reference 4ref the following second-order equation for 
1d is obtained

0ref

2

1q11d1

2

1d1 =′−++ 4
�

� ψ , (3.67)

where )3()2( srefref ω44 =′ . Solving this for 
1d gives

( )
1

ref
2
q111

2
11

d1 2

4

�

4
��



′−−±−
=

ψψ
. (3.68)

The correct reference is found by investigating the roots at the no-load conditions with zero

reactive power reference i.e. when 
1q = 0 and 0ref =′4 . The plus sign gives 
1d = 0 and the minus

sign 111d �
 ψ−= . The first is the correct result because the second root leads to a current that
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does not occur in practice. Thus an ����7������������� ��! for 
1d in the case of the L-filter is

obtained as

( )
1

ref
2
q111

2
11

refd,1 ˆ2

ˆˆ4ˆˆ

�

4
��



′−−+−
=

ψψ
. (3.69)

where 1�̂  is the estimate of the line filter inductor �1. If the q-axis current 
1q contains a

remarkable ripple, the q-axis current reference 
1q,ref can be used instead of the actual value.

In some cases the implementation of (3.69) in available control hardware may be impractical

due to the square root operation. Therefore, a computationally simpler control algorithm could

be useful. Furthermore, when the open-loop control law is applied, the performance of the

reactive power control is determined by the direct axis current controller. Usually this is

desirable, but sometimes it might be preferable if the reactive power control had also adjustable

dynamics. One approach to achieve these requirements is to apply a ���� ���� �������. Using

(3.66) the reactive power can be estimated with

( ){ } ( )2
11d11s1

*

111s
ˆˆ

2

3ˆˆRe
2

3
ˆ 
�


�4 +=+= ψωψω . (3.70)

This equation is much simpler to implement and does not require much computing power in a

discrete-time system. Then, it is rather straightforward to calculate the error between the

estimated and the commanded value of the reactive power and apply, for example, a PI

regulator to control the error to zero. This approach, however, is not any further considered in

this thesis.

��(��� ,���������
��������	�������������

Next the influence of the parameter mismatch on the steady-state accuracy of the reactive power

control under the zero reactive power reference is examined. For this purpose a relative

parameter error ε is defined as

1

11
ˆ

�
�� −=ε . (3.71)

It is also assumed that the current controllers work ideally i.e. that 
1d = 
1d,ref and 
1q = 
1q,ref.

Splitting (2.30) into real and imaginary parts yields

d112d112d1 cos 
�
� −=−= χψψψ (3.72)
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q112q112q sin0 
�
� −=−= χψψ (3.73)

where χ is the angle between the converter flux vector and the virtual line flux vector, see Fig.

1.13. The angle χ is solved from (3.73) as







=

2

1q1arcsin
ψ

χ

�

(3.74)

which after substitution into (3.72) and with relation χχ 2sin1cos −= results in

1d1

2

2

1q1

21 1 
�

�

−





−=

ψ
ψψ . (3.75)

Expressing then 
1q in terms of the active power and the converter flux modulus and substituting

(3.69) with 11
ˆ ψψ =  for 
1d, we have
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(3.76)

where )3()2( sω�� =′ . Using a mathematical program capable of symbolic formula processing

the solution for the converter flux modulus ψ1 as a function of the relative parameter error ε is

obtained as

( ) ( ) ( )
2

2

1

4

2

22

2

1 2

212122

ε
εψεεεψ

ψ
�� ′−+±++

±= . (3.77)

The correct root is selected according to the conditions that the converter flux modulus must be

positive and near the modulus of the virtual line flux. These conditions yield

( ) ( ) ( )
2

2

1

4

2

22

2

1 2

212122

ε
εψεεεψ

ψ
�� ′−+−++

= . (3.78)

In the special case when 11
ˆ �� =  the converter flux modulus producing unity power factor is

given by

( )2

1q1

2

2

2

22
1

4
2

1 
�
��

+=
′+

= ψ
ψ

ψ
ψ (3.79)

where the last expression is obtained by using (1.62).
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Now the influence of the parameter error on the reactive power control accuracy can be

determined using the following procedure:

1. Define the initial values of ψ2, �1, ε and �3.

2. Determine the steady-state value of the converter flux modulus from (3.77).

3. Calculate the corresponding direct axis current from (3.69).

4. Compute the reactive power (error) using (3.66).

Fig. 3.22 shows a numerical example of the influence of the parameter mismatch on the unity

power factor operation in different loading conditions. The real value of the filter inductance is

�1 = 0.2 pu. The modulus of the virtual line flux ψ2 = 1 pu. The results show that the proposed

control method is quite insensitive to the parameter mismatch. For example at nominal load

(��= 1 pu) a ±20 % relative error in the inductance parameter results in a 0.04 pu error in the

reactive power corresponding to the displacement power factor of 0.9992.

Fig. 3.22: Influence of the parameter error on the reactive power control with L-filter. Exact (–),
approximation (×) and computer simulation (ο). The parameters � and ε are changed in 0.2 pu and 10 %
steps from 0 to 1.0 pu and from –50 % to 50 %, respectively.

Based on the numerical examples, it was found that the pu-value of the reactive power error in

the vicinity of the unity power factor operation may be very accurately approximated as

[ ] 2

1err pu ��4 ε−≈ . (3.80)
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This is actually quite an expected result with respect to the curves of Fig. 3.22, since 4err is seen

to be proportional to the relative parameter error ε and to the square of the active power. The

results calculated using (3.80) are denoted with crosses in Fig. 3.22. The discrepancy between

the exact and the approximate results is less than 1 %.

In order to verify the results of the presented analysis some simulations were carried out. The

results obtained with � = 0.4 pu and � = 1 pu for different values of ε are represented with

circles in Fig. 3.22. They confirm the analytical conclusions. The slight discrepancy between

the simulated and analytical results are due to the voltage losses in the power switches and the

line filter resitances, which are taken into account in the simulator.

��(��� .�.����	��

The estimation of the reactive power becomes more complicated, compared to the L-filter case,

when an LCL-filter is used. The reason for this is that the current 
2 flowing through the line

side inductance �2 (see Fig. 1.3b) is not measured but it is needed to calculate the virtual line

flux vector, which can be expressed as

221112

�
� ++=ψψ (3.81)

if the resistances �2 and �� are neglected. Susbstituting (3.81) into (1.68), where s

1
  is replaced

with s

2
  and expressing all quantities in the synchronous reference frame, an equation for the

reactive power is obtained as

( )[ ]2
22q2q11d2d111s2

3

�

�

�4 +++= ψω . (3.82)

Because we are mainly interested in controlling the displacement power factor i.e. the reactive

power related to the fundamental frequency components, the dq-components of the line current

corresponding to the steady-state solution of the LCL-filter may be used. Hence, neglecting

again the resistances �2 and �� and substituting �/�� → 0 in (1.36)-(1.37) and (1.40)-(1.41) the

following relations for the line current components can be solved

( ) ( )1q1q1d11

2

d2 1 
��-
-�
 +−−= ωω (3.83)

( ) ( )1d1d1q11

2

q2 1 
��-
-�
 ++−= ωω . (3.84)

Assuming further that ω�= ωs and 01 ≈���ψ , the converter voltage components (2.39) and

(2.40) are given by
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1d11d 
�� −= (3.85)

1q11s1q 
�� −= ψω (3.86)

which simplify (3.83) and (3.84) to

( ) 1

2

sd11

2

sd2 1 ψωω -
-�
 −−= (3.87)

( ) q11

2

sq2 1 
-�
 ω−= . (3.88)

Similarly as in the L-filter case, there are two possibilities to establish the reactive power

control. It may be applied either an open-loop or a feedback control. A pure open-loop control,

however, would result in a very cumbersome expression of the current reference 
1d,ref and

therefore this approach is not directly applicable. On the other hand, the reactive power related

to the fundamental frequency could be rather easily estimated with (3.82), (3.87) and (3.88), but

because (3.87) and (3.88) represent a static mapping of the d- and q-axis current from the

converter side of the LCL-filter to the line side of the LCL-filter, the dynamical behavior of the

line filter, i.e. the attenuation of the current harmonics, is not taken into account. The estimated

currents will therefore contain an erroneous ripple.

As a remedy for this problem a second-order lowpass filter is used to attenuate the current

ripple. The filter is designed to imitate the magnitude curve of the frequency response /2(jω)/

/1(jω) representing the direct transfer functions of the lossless LCL-filter from 
1d (or 
1q) to 
2d

(or 
2q) but without the resonance peak at the frequency of -�-� 2

2

2res 11 ≈+= ωω . The

approximation may be safely used because usually 1/(�2-) >> ω2.

These features are achieved by selecting the filtering time constant to be equal to the inverse of

the resonance frequency resLCL 1 ω=� . A circuit to obtain the estimated line current components

and the reactive power is shown in Fig. 3.23.
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Fig. 3.23: Circuit to obtain the estimated line current components and the reactive power.
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Although the exact open-loop control for the LCL-filter case was found impractical, a rough

estimate for 
1d,ref producing the given reactive power 4ref can be derived, if it is approximated

that �1- << 1. Now from (3.87) and (3.88) we have 1

2

s1d2d ψω -

 −≈ and  
2q ≈ 
1q, which

reduces (3.82) to

( )2

1

2

s

2

1tot1d1s2

3 ψωψω -
�
4 −+≈ , (3.89)

where �tot = �1 + �2 and the terms containing �2- are disregarded because �2- << 1. Replacing

the actual filter parameters with their estimates and 4 with 4ref an approximative open-loop

control law for 
1d in the case of the LCL-filter is found as

( )
tot

2
1

2
sref

2
q1tottot

2
11ol

ref1d, ˆ2

ˆˆˆˆ4ˆˆ

�

-4
��



ψωψψ −′−−+−
= . (3.90)

By combining this open-loop control law and the feedback control based on the estimated

reactive power (Fig. 3.23), a good reactive power control for CFCC controlled PWM rectifier

with an LCL-filter is achieved. This control method fulfills two important features: a quick

response to transients and an accurate steady-state operation. The block diagram of the

proposed control system is represented in Fig. 3.24.
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Fig. 3.24: Combined open-loop control law and feedback control.

When open-loop control laws are used, the reactive power control dynamics are effectively the

same as the d-axis current control dynamics. Therefore, there is no need to make the feedback

loop fast, as its purpose is just to remove the steady-state error. Hence, a simple integral control

is sufficient. The reactive power controller can be expressed as

( ) ( )44
��

��44
�


 ˆ
1

ˆ
1

ref

qi,

ref

qi,

fb
ref1d, −=−= ∫ . (3.91)

A common rule-of-thumb is to select the bandwidth of the reactive power control loop at least

one decade lower than the bandwidth of the d-axis current control loop. This is quite accurately

achieved by selecting �i,q = 10/α. This selection should be, however, considered only to be a

guideline and adjustment may be required to achieve the appropriate performance.

��(��� ,���������
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The effects of the parameters mismatch on the performance of the combined open-loop and

feedback control method are examined by numerical simulations. Fig. 3.25 shows the results

obtained from the simulations when 4ref = 0 and one parameter estimate at the time is varied

while two other parameter estimates have their real values. The curves correspond to the active

power reference of 0 pu, 0.5 pu and 1.0 pu. The actual filter parameters used in the simulations

are �1 = 0.1 pu, �2 = 0.05 pu and - = 0.04 pu.

According to Fig. 3.25 the reactive power error has a linear dependency on the relative error of

the individual parameter if two other parameters are correct. The influence of the error of the

capacitance parameter estimate seems to be independent of the active current. This is an

expected observation considering (3.89), which shows that - interacts with the squared

modulus of the converter voltage instead of the current. Furthermore, the reactive power error

has a negative slope with respect to the parameter error ε�. This is advantageous if all filter
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parameter estimates are erroneous in the same direction, the effects are compensating each

other. The influence of the mismatch of the inductance parameters is similar to the case of an L-

filter.

Although the superposition principle cannot be generally applied to determine the overall

behaviour of the system when the effect of the individual parameter is known, it was tested

whether the total reactive power error in the vicinity of the unity power factor operation could

be roughly estimated as

[ ] ( ) -���4
���

εεε ++−≈ 2

2211err pu . (3.92)

In Table 3.2 the results obtained with (3.92) are compared with the simulated ones when all

eight possible combinations formed by the relative parameter errors of ε�1  = ε�2  = ε� = ±20 %

are studied. An active power reference of 1.0 pu was used. The results show an excellent

agreement between the simulated and approximated results except in situations where the error

approaches zero. However, also in these cases the absolute difference is insignificant and thus

(3.92) can be safely applied to estimate the accuracy of the proposed reactive power control for

LCL-filter.

a)  b)

c)

Fig. 3.25: Influence of the parameter errors in a) �1, b) �2 and c) - on the proposed reactive power control.
The curves correspond to the active power values of 0, 0.5 pu and 1.0 pu.
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Table 3.2: Comparison of 4err calculation.

Combination
(ε�1,ε�2, ε�)

Simulated
4err [pu]

Approximated
4err [pu]

(-20%, -20%, -20%) 0.0218 0.0220
(-20%, -20%, +20%) 0.0387 0.0380
(-20%, +20%, -20%) 0.0003 0.0020
(+20%, -20%, -20%) -0.0182 -0.0180
(-20%, +20%, +20%) 0.0181 0.0180
(+20%, -20%, +20%) -0.0012 -0.0020
(+20%, +20%, -20%) -0.0370 -0.0380
(+20%, +20%, +20%) -0.0219 -0.0220

��(�0� *�����	�
���&������

In order to investigate the dynamical performance and to evaluate the accuracy of the proposed

reactive power control for LCL-filter some simulations are performed. Four cases are

considered:

�
"����
���%< Load power steps from 0 pu to 1 pu and from 1 pu to –1 pu with accurate
filter parameters. Reactive power reference 4ref = 0 and the DC voltage reference �dc,ref  = 2.0
pu.

�
"����
���(< Same as 1 but with erroneous filter parameters. Relative errors used are

ε�1 = ε�2 = -20 % and ε� = 20 %.

�
"����
���&< Reactive power setpoint is first change from 4ref = 0 pu to 4ref = -1.0 pu and
then back to 4ref = 0. The DC link voltage is increased to 2.2 pu to avoid the converter
saturation.

�
"����
���=< Same as 3 but with erroneous filter parameters. The same relative errors as in
2 are used.

In the simulations the DC voltage control is enabled and it is designed with a phase margin of

45°. The filter and current control parameters are those given on page 97. The integral time

�i,q = 10/α = 10/1.75 = 5.71 pu (~18 ms) is selected for the reactive power controller. The

sampling time of the reactive power estimator and the controller is 100 µs and 1 ms,

respectively.

The results are represented in Fig. 3.26 – Fig. 3.29. It is observed that the reactive power is

satisfactorily estimated in all cases. With erroneous filter parameters the estimation error at

nominal load � = 1.0 pu coincides well with the predicted value of (3.92) 4err = 0.06 pu. Also

the responses to the reference steps are quite acceptable but in the active power steps some

oscillations occur. The main reason for this is the deviation of the DC link voltage. As a remedy

the d-axis current controller can be tightened.
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Fig. 3.26: �
"����
���%< Reactive power responses to load steps. The accurate filter parameter estimates

21
ˆ,ˆ ��  and -̂ .�Control error signal 44� ˆ

refq −= and estimation error 444 ˆ
err −= .

Fig. 3.27: �
"����
���(< Reactive power responses to load steps. The erroneous filter parameter estimates

21
ˆ,ˆ ��  and -̂ .�Control error signal 44� ˆ

refq −= and estimation error 444 ˆ
err −= .
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Fig. 3.28: �
"����
��� &< Reactive power responses to setpoint changes. The accurate filter parameter

estimates 21
ˆ,ˆ ��  and -̂ .�Control error signal 44� ˆ

refq −= and estimation error 444 ˆ
err −= .

Fig. 3.29: �
"����
��� =< Reactive power responses to setpoint changes The erroneous filter parameter

estimates 
21

ˆ,ˆ ��  and -̂ .�Control error signal 44� ˆ
refq −= and estimation error 444 ˆ

err −= .
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In spite of the increasing voltage and current ratings of the power switches, the parallel

operation of the PWM rectifiers is still needed especially in high power applications. In some

critical applications redundant parallel converter units are required to obtain sufficient

reliability and availability of the total system. Parallel connection of several converter units can

be used to ensure the continuous operation even if one or more units have faulted.

Parallel use of PWM rectifiers is not straightforward. The most considerable difference between

a single rectifier and parallel rectifiers is that without special measures the zero-sequence

current has a path to circulate between the units. The zero-sequence current is a consequence of

a common mode voltage component associated with every switch combination of a power

stage. Usually the common mode voltage component is ignored because without the zero-

sequence current path the circulating current is absent. If the zero-sequence current is

substantial it has to be taken into account. Three current measurements are required to calculate

the current vector used in the control system. In the case of a single converter only two current

measurements are needed since the third phase current can be calculated knowing that the

currents add up to zero. The high zero-sequence current increases also the stress of the power

switches and may lead to de-rating of the power stage in parallel operation.

The traditional approach to avoid the problems in parallel converter operation is to break the

zero-sequence current path. This can be done by means of separating the AC or DC power

supplies or by using transformer isolation in AC side (Dixon and Ooi, 1989; Kawabata and

Higashino, 1988). The obvious drawback of these approaches is that the additional transformers

or a transformer with multiple secondary windings as well as the separate DC power supplies

increase the cost and the size of the parallel system.

Another solution is to provide the zero-sequence current circuit with high impedance (Matsui et

al., 1993). This method, however, can effectively reduce only the high frequency zero-sequence

current associated with the switching events, but it is not capable of reducing the low-frequency

zero-sequence current. It is also possible to control the parallel converter units as one converter

by giving similar switching patterns to every converter unit (Ogasawara et al., 1992). This

synchronised control method is not favourable because it does not support modular converter

design and is not truly redundant. Other disadvantages are that the paralleled power switches
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are required to be very uniform and that the complexity of the control system increases rapidly

when more converters are paralleled.

Recently, a zero-sequence current control method associated with space-vector modulated

PWM rectifiers has been reported in (Ye et al., 2000a). A PI controller is used to minimise the

zero-sequence current under steady-state condition by varying the distribution of the zero

vectors.

This chapter introduces a control method that allows several CFM-based voltage source PWM

rectifiers to be paralleled directly in AC and DC sides as depicted in Fig. 4.1. No additional

passive components are required in addition to the normal L- or LCL-type line filter. The

special zero vector selection scheme, based on earlier work of Ye et al., (2000a), is developed to

minimise the circulating zero-sequence current.

Regulation of the common DC link voltage can be established in various ways. A master-slave

configuration with a single proportional-integral feedback controller or autonomous

proportional feedback controllers in each unit can be applied, for example. However, this topic

is not dealt with in this thesis.
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1,1

�1,2


1,2

�1,1

�1,2

0 Load

�dc,1

�dc,2

�dc

�load


0

�1a,1

�1b,1

�1c,1

�1a,2

�1b,2

�1c,2

Fig. 4.1: Parallel three-phase PWM rectifiers with L-filter. The virtual zero potential is marked at the
midpoint of the DC link capacitors.
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Zero-sequence components are not usually taken into account in the modelling of the PWM

rectifier because in the case of one converter unit there is no path for the zero-sequence current

to flow in the three-wire system. In the parallel rectifier system, however, the zero-sequence

path may be formed as seen in Fig. 4.1 and therefore the zero-sequence components must be

considered. Unfortunately, the conventional space-vector theory and the two-phase modelling

technique do not inherently support the handling of the zero-sequence components and thus

they have to be handled separately. In the following the principles of the modelling of the zero

sequence components in parallel rectifier system are introduced for the system in Fig. 4.1.

Although the procedure is shown for a system comprising two units in parallel, the results can

be extended also for systems with an arbitrary number of parallel units. A good presentation

about this issue can be found e.g. in (Ye et al. 2000b).

According to definition (1.6) the zero-sequence component of the switching vector is calculated

as

( )cba0 3

1
�!�!�!�! ++= . (4.1)

From this it can be easily derived that

( ) ( ) ( ) 00c0b0a =−+−+− �!�!�!�!�!�! . (4.2)

Denoting 0cc0bb0aa ,, �!�!!��!�!!��!�!!� −=′−=′−=′  we have

0cba =′+′+′ !�!�!� (4.3)

and furthermore �!a, �!b and �!c can be expressed as

0cc

0bb

0aa

�!!��!

�!!��!

�!!��!

+′=
+′=
+′=

. (4.4)

From Fig. 4.1 three AC-side loop voltage equations can be written in the direction of the zero-

sequence current 
0 as

0dca,11

a,11

1,1a,111,1

a,21

2,1a,212,1dca,21 =−+−++ ��!
��

�

�
�

��

�

�
���! , (4.5)

0dcb,11

b,11

1,1b,111,1

b,21

2,1b,212,1dcb,21 =−+−++ ��!
��

�

�
�

��

�

�
���! , (4.6)



126
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1,1c,111,1

c,21

2,1c,212,1dcc,21 =−+−++ ��!
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��

�

�
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where the second number in the subscript denotes the unit.

The zero-sequence current 
0 in Fig. 4.1 is

( ) ( )c,21b,21a,212,01,0c,11b,11a,110 3

1

3

1









 ++−=−==++= . (4.8)

Summing up then both sides of Eqs. (4.5)-(4.7) and using (4.4) and the equation (4.8) for the

zero-sequence current, the following expression for the zero-sequence current per phase is

obtained

( ) ( ) ( ) 00
2,11,102,11,1dc1,02,0 =+−+−−
��
�


��
����!�! . (4.9)

Finally, the equivalent circuit of the zero-sequence dynamics can be constructed from (4.9) as

depicted in Fig. 4.2.

Analogously to the analysis for the L-filter the zero-sequence dynamics can be obtained also for

the LCL-type line filter. As a matter of fact, the equivalent circuit in the LCL-filter case would

be the same as shown in Fig. 4.2, because the capacitors forming a delta or a floating star

connection do not give a current path for the zero-sequence current. The parameters of the zero-

sequence model in the case of LCL-filters are naturally the total serial resistance and

inductance. However, this is true only if the circuit elements are separate for each phase. If

three-phase three-core coils are used, it has to be taken into account that their inductances for

the differential mode and common-mode systems are different. According to the numerical

calculations carried out using the Finite Element Method (FEM) and the experimental

evaluation, both conducted by the author, the common-mode inductance of a 450 µH three-

phase three-core coil at 50 Hz was found to be in the range 40-65 µH i.e. only 10-15 % of the

differential-mode inductance!


0

�1,1

�1,2

�1,1

�1,2

(�!0,2-�!0,1)�dc

Fig. 4.2: Zero-sequence equivalent circuit.
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The differential or the symmetric portion of the three-phase system is modelled conventionally

using space vectors and the two-phase representation of them.

To complete the model of the parallel converter system, the DC link voltage equation (1.52)

must be rewritten as

load2dc,1dc,
dc

dc 



��
��

- −+= (4.10)

where the DC link current 
dc,� of the �th unit is calculated with

∑
=

=
cb,a,

,1,1dc,
�

�����

�!
 . (4.11)
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In the CFM the switching table is used to select the next voltage vector to be switched, see Fig.

1.11. Zero vectors are used if the active power error is inside the hysteresis band. Normally the

zero vector is selected on the basis of the previous non-zero vector. By selecting the zero vector

that needs less switch states to be changed the switching frequency and switching power losses

can be reduced. For example in sector κ = 0, if the previous non-zero vector has been

( )−++2� and the next vector is the zero vector, ( )+++
7

�  is selected because only the phase c

has to change its state. If the previous non-zero vector has been ( )−+−
3

� , the zero vector

would be ( )−−−
0

� .

Zero vectors are equal in perspective of differential mode voltage. The zero-sequence voltages

of the zero vectors, instead, are considerably different and larger in magnitude than it is the case

with any other voltage vector as seen in Table 1.1. In view of the differential mode current,

which is responsible for active and reactive power transfer between the grid and the DC link, it

is thus insignificant which one of the zero vectors is used. Therefore it is justified to take the

advantage of the common mode voltage property of the zero vectors and use it to minimise the

circulating current.

If the common mode voltage associated with the zero vectors is used in a controlled way to

minimise the circulating current, a fairly good result may be anticipated. Based on this idea a

new zero vector selection scheme for parallel-connected CFC PWM rectifiers is introduced as

follows:
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vectorzerouse,0

vectorzerouse,0
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, (4.12)

where 
0,� is the zero-sequence current of the �th converter unit. If the zero vector is selected

according to (4.12), the term ( )1,02,0 �!�! −  in (4.9) yields either +1 or −1, depending on the sign

of the 
0. This gives as a result that the zero-sequence current 
0 and its time derivative will

always have opposite signs when the zero voltage vector is applied. This can be seen from (4.9)

by substituting ( ) 11,02,0 −=− �!�! , when 
0 circulates in positive direction (clockwise in Fig.

4.1) and ( ) 11,02,0 =− �!�! , when 
0 circulates in negative direction (counterclockwise). The

results for two parallel rectifiers can be combined into one expression

( ) ( ) ( )[ ]02,11,1dc0
0

2,11,1 sgn 
���

��
�


�� ++−=+ . (4.13)

The main result of (4.13) can be given as compactly as

00
0 <
��

�


 , (4.14)

which means that every zero voltage vector selected according to principle (4.12) forces the

circulating current continuously towards zero. In order to implement the proposed control

method and to obtain the zero-sequence current 
0 three current sensors are needed because the

third phase current cannot be derived from the other two phases.

For ? parallel-connected converters only ? – 1 units are needed to apply the zero-sequence

current control because there are ? – 1 independent zero-sequence currents (Ye et al., 2000b). If

all ? units are employed in controlling the circulating currents, the result will effectively be ?

current sources in parallel. This is not desirable because, according to the Kirchhoff's law, the

currents would have interactions.

��!�����
��
��!"�
�

The simulation model, shown in Fig. 4.3, was developed using MATLAB
®/Simulink®. The

model was designed modular, so that different line filter types and converter combinations can

be easily studied. Also the number of the parallel converters can be easily increased just by

copying the converter and the line filter blocks and replacing the zero-sequence and the

common DC link models. In order to take the effects of the discrete-time realisation of the

control algorithms into account, sampling as well as all the controllers were implemented using

Matlab’s discrete-time s-functions. The parameters used in the simulation model as well as in
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the laboratory setup of the parallel rectifier system are listed in Tables B.2 and B.3 in Appendix

B.

Fig. 4.4 shows the simulated steady-state waveforms of the converter phase currents 
1a,1 and


1a,2, the line current 
2a and the zero-sequence current 
0 without the zero-sequence current

control. A significant zero-sequence current circulates in the parallel rectifier system and

distorts the converter phase currents 
1a,1 and 
1a,2. Due to the circulating current the rectifier

units are unequally loaded and some energy oscillates between the bridges. By applying the

proposed zero vector selection scheme the circulating current can be effectively attenuated and

the balanced operation of unit is preserved as shown in Fig. 4.5.

In Fig. 4.6 the simulated current waveforms are illustrated, when the zero-sequence current

control and an LCL-type line filter are used. As expected, there is practically no difference

between the zero-sequence currents of the L- and LCL-filter cases. In the line current 
2a, the

switching frequency components are effectively removed, when an LCL-filter is used, but a

slight tendency to resonant oscillations has appeared.
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0


DC link
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Fig. 4.3: Simulation model for two rectifiers with L-filter in parallel.
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Fig. 4.4: Simulated input phase currents, line current and zero-sequence current without zero-sequence
current control. L-filter.
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Fig. 4.5: Simulated input phase currents, line current and zero-sequence current with proposed zero vector
selection method. L-filter.
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Fig. 4.6: Simulated input phase currents (line side), line current and zero-sequence current with proposed
zero vector selection method. LCL-filter.
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In this chapter the measurements of the operation of laboratory prototypes are discussed. The

measurements of the current control performance include the evaluation of the steady-state

current waveforms and the responses to the step change of the q- and d- axis current references.

Both L- and LCL-filter is considered. The influence of the inaccurate line filter resistance

estimate on the current control performance is also investigated in the case of the L-type line

filter.

For the DC voltage control the responses to the setpoint change and load distubances are

measured. The experiments with the reactive power control include the performance evaluation

in both static and dynamical state with the L- and LCL-type line filters. In the case of parallel

rectifier system the steady-state operation of the circulating zero-sequence current control is

investigated.
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The laboratory testing facilities comprise three industrial PWM rectifier-inverter units the

parameters of which are given in Appendix B. Each unit consists of two back-to-back

connected six-pulse IGBT bridges separated by the DC voltage intermediate circuit with a

common capacitor bank. An individual converter bridge can be utilised either as a PWM

rectifier or as a motor inverter enabling thus various loading possibilities.

Each converter bridge has its own control board including a fixed point DSP and an I/O

interface via an optical link for the control software uploading and data acquisition using PC.

Four different signals can be simultaneously sampled to the data acquisition memory of the

control board with the maximum sampling frequency of 10 kHz. The sampling can be started

from the computer and the data may be downloaded to the PC for post processing.

An Yokogawa PZ4000 power analyser is used as an external measuring device for those signals

which are not processed on the control board and/or when a long duration measurement with a

high sampling rate is required. The schematic of the measurement arrangement is depicted in

Fig. 5.1.

It is important to notice that the line voltage of the laboratory is not purely sinusoidal but it is

distorted mainly by the 5th and the 7th harmonics. On average the THD of the laboratory line

voltage evaluated using the first 50 harmonics is approximately 2 %.
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Fig. 5.1: Test measurement arrangement of one rectifier-inverter system.
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Current control performance is evaluated for the test system 1. From the data given in Appendix

B the current controllers with the following system specifications are designed and tested:

�7�
����<

− Desired closed-loop system rise time �r,L = 2 ms.

− DC voltage level �dc = 650 V (2.0 pu).

�-�7�
�����%<

− Desired closed-loop system rise time �r,LCL = 4 ms.

− DC voltage level �dc = 650 V (2.0 pu).

For both line filters the minimum possible tracking times calculated from (3.29) ∆�L�≈ 1 ms and

∆�LCL�≈ 1.5 ms do not limit the desired rise times, so the ideal values for αL = ln 9/�r,L = 3.5 pu

and αLCL = ln 9/�r,LCL = 1.75 pu may be used. The controller parameters obtained from (3.15)

and (3.16) are then: �p = 0.22 pu, �i = 0.018 pu for L-filter and �p = 0.17 pu, �i = 0.014 pu for

LCL-filter.
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The steady-state current waveforms are examined in the rectifying operation with a nominal

line current. In both tests the reactive power control is enabled and the reactive power reference

4ref  is set to zero. The results for the L-filter are shown in Fig. 5.2 and for the LCL-filter in Fig.

5.3. A very satisfactory performance is observed in both cases. The most dominating current

harmonics are the 5th and the 7th, which are partly due to the line voltage harmonics and partly
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due to the modulation. With the LCL-filter the switching frequency ripple is effectively

attenuated but the current harmonics near the resonance frequency (around the 20th harmonic)

are slightly amplified. It should be noticed, however, that the damping of the LCL-filter has not

been particurlarly addressed in this thesis. Besides, knowing only the converter voltage �1 and

current 
1, the LCL-filter is not an observable system. Thus, in order to implement some active

damping scheme additional feedback signals are required. Nevertheless, for both types of the

line filters all current harmonics are less than 2 % of the fundamental component and the THD

values are well below 5 %, which can be considered as very good results.
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Fig. 5.2: Steady-state phase current waveforms and harmonics for the L-filter in the nominal rectifying
operation. The THD calculated from the 50 first harmonics is 3.1 %.
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Fig. 5.3: Steady-state phase current waveforms and harmonics for the LCL-filter in the nominal rectifying
operation. The THD calculated from the 50 first harmonics is 3.4 %.
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First, the q-axis current responses to reference changes from 
1q,ref = 0 to 
1q,ref = ±1 pu and again

back to 
1q,ref = 0 are measured. The reactive power control is disabled and 
1d,ref = 0. Fig. 5.4 and

Fig. 5.5 show the results. All responses behave as predicted by the theory and the rise time
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specification is fullfilled. Cross-coupling is hardly observable as expected from the analysis and

simulation results. The larger current ripple in the measured current compared to the simulation

example of Fig. 3.11 is due to the considerably smaller line filter inductance �1 of the test

system.
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Fig. 5.4: Current response to the step changes of the q-axis current reference 
1q,ref corresponding to the
rectifying operation.
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Fig. 5.5: Current response to the step changes of the q-axis current reference 
1q,ref corresponding to the
inverting operation.

In the second experiment the same setpoint changes are made as above but now for the d-axis

current reference 
1d,ref. Q-axis reference 
1q,ref is maintained as zero. The results are shown in
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Fig. 5.6 and Fig. 5.7. A very similar performance as on the q-axis can be observed also in this

case. The small deviations of the actual current from the ideal response are most likely due to

the line voltage harmonics and errors in the converter flux estimate.
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Fig. 5.6: Current response to the step changes of the d-axis current reference 
1d,ref corresponding to the
operation where the PWM rectifier behaves as an inductive load.
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Fig. 5.7: Current response to the step changes of the d-axis current reference 
1d,ref corresponding to the
operation where the PWM rectifier behaves as a capacitive load.

According to the IMC method the current controller parameters are expressed in terms of the

line filter parameters �1 and �1. It is then obvious that the more accurately these parameters are

known the better the current will follow the theoretical response, if disturbances are
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disregarded. It may be assumed that �1 is fairly accurately known because the line filter

inductances are typically designed so that saturation does not occur. Furthermore, the frequency

dependency of the inductance is usually negligible in the frequency range corresponding to the

bandwidth of the current control. Thus, the inductance value at the line frequency may be safely

used. However, if the PWM rectifier is connected to a weak grid (SCR1 < 20) the inductance of

the source becomes noticeable and it should be taken into account when evaluating �1.

An exact value for the line filter resistance �1 may be more difficult to found due to the

following reasons:

− Typically the DC resistance of the line filter is known or measured. The AC resistance

is however somewhat bigger due to the skin and proximity effects.

− Temperature dependency. The resistance is increased when the coil temperature is

increased. The temperature changes can easily be tens of degrees.

− Increase of the effective resistance due to the connectors, cables and power switches.

Considering all the uncertainties above and that the resistance values are typically in the range

of a few tens of milliohms, it is not very unusual that the resistance parameter is highly

erroneous. The influence of the resistance parameter mismatch on the current control

performance must be therefore examined.

The effects of the erroneous resistance parameter estimate on the current control is investigated

by repeating the experiments shown in Fig. 5.4 and Fig. 5.7 using the integral gains �i/3 and 3�i.

The transfer function .�� in the active power reference calculation (see Fig. 2.10) is also

adjusted to correspond the incorrect �1 estimate.

The results presented in Fig. 5.8 and Fig. 5.9 show that the incorrect resistance estimate has

practically no effect on the q-axis current response. On the d-axis, it seems that the

underestimated resistance has only a slight effect on the response while the overestimation

results some overshooting. However, in both d-axis cases the performance is still quite

satisfactory. It is very difficult to point out any particular reason for the different behaviour of

the d-axis response compared to that of the q-axis, especially because such a discrepancy was

not observed in the simulations although various unidealities and disturbances were tested. One

possible way to improve the d-axis current response from those shown in Fig. 5.6, Fig. 5.7 and

                                                

1 SCR (Short-Circuit Ratio) is the ratio of the short-circuit power �SC (or current �SC) of the source to the average
maximum load power �load (or current �load): SCR = �SC/�load = �SC/�load.
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Fig. 5.9 is to increase the bandwidth of the d-axis current controller by increasing the

proportional gain �p.
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Fig. 5.8: Q-axis current step response with the erroneous line filter resistance estimate. a) 3ˆ
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Fig. 5.9: D-axis current step response with the erroneous line filter resistance estimate. a) 3ˆ
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�� =  and

b) 
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Finally, the current step responses to the q- and d-axis current reference change from 
1qref  = 0

to 
1qref  = 1.0 pu and from 
1d,ref = 0 to 
1d,ref = −1.0 pu, respectively, for the LCL-filter are

measured. From the results shown in Fig. 5.10 and Fig. 5.11 it can be seen that the converter

current responses, which are in a very good agreement with the theoretical ones, are also

obtained in the case of the LCL-filter. In the line current components 
2d and 
2q, however, some

oscillations are observed during the transient and especially on that axis, the reference of which

is kept zero. Unfortunately, the proposed current control scheme cannot react on these

oscillations because they are unobservable when only the converter side current space vector 
1

is measured. To attenuate line current oscillations small damping resistors may be connected in
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series with the line filter capacitors or alternatively some active damping method may be

applied. The latter approach requires, however, that either the line voltage or one additional

state of the LCL-filter is measured. Anyway, this topic is out of the scope of this thesis.

a)  b)

Fig. 5.10: a) Measured q-axis converter current step response for the LCL-filter. The sampling period of
the measurement is 200 µs. b) Corresponding line current components 
2d and 
2q in the LFO reference
frame.

a)  b)

Fig. 5.11: a) Measured d-axis converter current step response for the LCL-filter. The sampling period of
the measurement is 200 µs. b) Corresponding line current components 
2d and 
2q in the LFO reference
frame.
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The DC voltage controller with the phase margin ϕ = 45° is designed according to symmetric

optimum method for the test system 1. An L-type line filter and the current controller presented

in the previous section are used. The maximum permissible peak current of the converter is

limited to /1,max = 2.5 pu. In the selected operation point �dc,0 = �dc,ref = 2.0 pu and the converter

flux reference is assumed to be constant ψ1,ref = 1.0 pu. With this data the following controller

parameters are obtained: �p,dc = 5.68 pu, �i,dc = 3.41 pu.
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First, the disturbance rejection capability of the DC voltage control is investigated by measuring

the DC voltage responses to the load power changes. Fig. 5.12 and Fig. 5.13 show the results.

Note, that the load inverter is not capable to change the load power �load stepwise, so exactly the

same experiment as in Fig. 3.16 cannot be performed.

Both experiments illustrates a very satisfying control performance. There is a plenty of margin

left in the current reference although a slightly underdamped closed-loop response was selected.

The maximum deviation of the DC voltage in both cases is less than 10 %, which can be

regarded as a good result. The settling times about 10 ms agree well with the simulation

example presented in Fig. 3.16.
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Fig. 5.12: Measured DC voltage response to the load power �load change from 0 pu to 1 pu. Compare with
the simulated response depicted in Fig. 3.16. The sampling period of the measurement is 300 µs.
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Fig. 5.13: Measured DC voltage response to the load power change from �load = 0 pu to �load = -1 pu
(regeneration). The sampling period of the measurement is 300 µs.
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In the second experiment the setpoint for �dc,ref is stepped up 0.16 pu (∼  50 V) from the initial

value of 1.84 pu at � ≈ 10 ms. The step response is shown in Fig. 5.14. The result is almost

identical to the simulated one given in Fig. 3.17. This implies that the presented modelling

approach and the simple controller design procedure are reliable.
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Fig. 5.14: Measured DC voltage response to the setpoint change from �dc,ref = 1.84 pu (600 V) to �dc,ref =
2.0 pu (650 V). The sampling period of the measurement is 200 µs. Compare with the simulation result
shown in Fig. 3.17.
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First, the steady-state performance of the open-loop control law (test system 1, L-filter) and the

combined open-loop and feedback control (test system 1, LCL-filter 2) are tested by measuring

the input power factor (PF) and the displacement power factor (DPF) at different loading

conditions. PF is defined as a ratio of the total active power and the total apparent power,

whereas the DPF is a ratio of the active and apparent power of the fundamental frequency. The

DC voltage �dc = 1.84 pu (600 V) is used.

The results shown in Fig. 5.15 demonstrate excellent steady-state performance with respect to

the DPF with both the L- and LCL-filter in all loading conditions. Meanwhile, the PF is reduced

when the active power is decreased due to the reactive power ripple caused by the harmonics.

However, the reduction is rather small until the load is less than 15 % of the nominal load.
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Fig. 5.15: Total power factor (PF) and displacement power factor (DPF).

In the second experiment the transient responses of the control schemes are investigated. Fig.

5.16 shows the results of the active power reversal of the loading converter from �load = 1.0 pu

(18.7 kW) to �load = –1.0 pu (–18.7 kW) under zero reactive power reference. From Fig. 5.16 it

can be observed that the unity power factor operation is successfully preserved throughout the

transient state. A slight 300 Hz AC component in power waveforms results from the line

voltage harmonics (5th and 7th) and from the converter control voltage capability, which varies

as a function of the sector angle ξ (see Fig. 2.14).
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Fig. 5.16: Transient test results of the load power reversal from �load�= 1.0 pu (18.7 kW) to �load�= –1.0 pu
(–18.7 kW).

Fig. 5.17 shows the responses of the reactive power to a step change of the reactive power

reference from 4ref = 0 pu to 4ref = –1.0 pu (–18.7 kVAr). In this experiment the DC voltage is

increased to 2.0 pu (650 V) to avoid the converter saturation during the operation under the

capasitive power factor. From both results it is seen that the open-loop control law yields fast

reactive power responses with a good steady-state accuracy. With the LCL-filter the precise

steady-state performance is guaranteed by the feedback control loop.
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Fig. 5.17: Measured responses of the reactive power to a step change of the reactive power reference from
4ref = 0 pu to 4ref = –1.0 pu (–18.7 kVAr).
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In Fig. 5.18 and Fig. 5.19 the experimental steady-state current waveforms corresponding to the

simulations shown in Fig. 4.5 and Fig. 4.6 are represented. The operation without the proposed

circulating current control method could not be tested because of the overcurrent problems of

the laboratory system. The measured currents agree well with the simulated ones and as
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predicted, the line filter type seems to have no significant effect on the circulating current or on

the operation of the parallel rectifiers.

By comparing the experimental results to the Fig. 4.4 it is seen that the randomly behaving

zero-sequency current is effectively suppressed and there is only a high frequency switching

ripple left in the zero-sequence current 
0 as well as in the converter phase currents 
1a,1 and 
1a,2

(in addition to the fundamental component). The ripple of the line current 
2a is, however, not

increased when rectifiers are paralleled because the circulating current do not enter the grid.
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The purpose of the experiments was twofold: 1) To verify that the developed control methods

work as predicted by the analysis and the simulations. 2) To show the applicability of the

proposed simple control design methods. In the tests both the steady-state and dynamical

operation conditions were considered. Generally, a good agreement between the theory,

simulations and experiments was observed.

The converter-flux-based current control, designed according to the IMC method, was found to

be very robust against the erroneous parameters. While there remain issues to further improve,

especially regarding the transient performance with an LCL-filter, satisfactory steady-state and

dynamical performance was also demonstrated.

Next, the operation of the DC voltage control, the parameters of which were selected using the

symmetric optimum method, was discussed. The responses to the load disturbances and setpoint

change were evaluated. The accuracy and the usefulness of the chosen design approach were

clearly shown.

The line-voltage-sensorless reactive power control schemes for the L- and LCL-type line filters

were tested. The static accuracy of both methods were found excellent. It was also demonstrated

that by using the combined open-loop control law and the feedback control a dynamically good

reactive power control can be achieved also with the LCL-filter.

Finally, the circulating current control method based on the new zero voltage vector selection

scheme was tested. It was found to act as predicted allowing thus an independent rectifier

control.
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Fig. 5.18: Measured input phase currents, line current and zero-sequence current when the proposed zero-
vector selection scheme is used. L-filter.
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Fig. 5.19: Measured input phase currents, line current and zero-sequence current when the proposed zero-
vector selection scheme is used. LCL-filter.
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In this work various parts of the converter-flux-based current control (CFCC) of the voltage-

source PWM rectifier were studied. The emphasis was on the analysis, design and

implementation of the current control scheme. Other topics discussed were the DC link voltage

control, the line-voltage-sensorless reactive power control and the control of the circulating

current in parallel-connected PWM rectifiers.

The notations and models used in the thesis were given, in the introductory chapter. After this,

the key element of the converter-flux-based controlled PWM rectifier, the converter flux

estimation, was discussed. In order to stabilise the direct integration of the converter flux

estimation the correction method, based on the earlier work of Niemelä (1999), was adopted

and its dynamic performance was improved for the use in PWM rectifiers.

Next, a new synchronous-frame current control concept for voltage source PWM rectifier,

referred to as the converter-flux-based current control (CFCC), was introduced and analysed.

New results here include a compensatory method for the dq-coordinate cross-coupling,

transformation of the synchronous-frame voltage vector reference into the references suitable

for the converter-flux-based modulator (CFM) and the frequency-domain analysis of the CFM

as a voltage space vector modulator. It was shown that the control structure similar to the

classical line-voltage- or line-flux-oriented synchronous-frame current vector control of the

PWM rectifiers can be converted into the converter-flux-oriented reference frame and thus the

line voltage measurement is avoided. It was also discovered that the dq-frame cross-coupling is

inherently reduced when the converter flux orientation is used instead of the line flux

orientation. Based on the numerical evalution of the frequency characteristics of the CFM as a

voltage space vector modulator it was shown that also the converter-flux-based modulator can

be assumed ideal when the current control is designed.

In Chapter 3 tuning rules for PI current controllers as well as for the DC link voltage controller

were proposed, using the internal model control (IMC) method and the symmetric optimum

method. The benefit of the IMC method is that the controller parameters are directly expressed

in the line filter parameters and the desired closed-loop bandwidth. Some guidelines for the

selection of the closed-loop bandwidth were given. Important implementation issues were also

discussed.

In the remainder of the Chapter 3 the novel load current feedforward scheme for the DC voltage

control was briefly considered and the line-voltage-sensorless reactive power control methods
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for both the L- and LCL-type line filter were presented. The influence of the parameter

inaccuracies on the reactive power control performance was examined and approximative

expressions for steady-state error estimation were proposed.

In Chapter 4 the fundamental principles of the parallel operation of the CFC PWM rectifiers

were treated. The zero-sequence current dynamics were modelled and a new zero voltage vector

selection scheme, which effectively suppresses the circulating zero-sequence current, was

proposed and evaluated by simulations.

In Chapter 5 experimental evaluations of the developed methods were carried out. A good

agreement between the theoretical and simulated results and the experiments could be observed.
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An interesting topic for future research would be to extend further the performance comparison

between the CFM and the conventional space-vector modulator. More research should be also

performed to investigate what kind of the power quality issues occurring in the line voltage the

proposed control system can stand and could these situations be remedied by different control

design or by using, for example, a line voltage observer. An obvious place for more work is also

in improving the damping of the LCL-filter resonances.
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Per-unit (pu) system is the dimensioless relative value system defined in the terms of base

values. A per-unit quantity ,pu is defined as

base

pu ,
,

, =

where , is the absolute physical value of the quantity and ,base is its base value. Defining the

following fundamental base values

Voltage: nbase 3

2
C� =

Current: nbase 2�� =

Frequency: sbase 2 �=ω

where Cn is the nominal RMS-value of the converter line-to-line voltage, �n is the nominal

RMS-value of the converter phase current and �s is the line voltage frequency, other base values

can be derived as follows:

Time: 
base

base

1

ω
=


Impedance and resistance: 
base

base
basebase �

�
!D ==

Inductance: 
basebase

base

base

base
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#

ωω
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Capacitance: 
basebase
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basebase
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D
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Flux: 
base

base
base ω
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Power: nnbasebasebase 3
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Table B.1: Data of the laboratory test system 1.

������
���
�
�+
Nominal apparent power, �n 18.7 kVA
Nominal input voltage, C2n 400 V
Nominal current, �1n 27 A
Nominal frequency, �s 50 Hz
Switching frequency (average), �sw 4 kHz
)����������+
Voltage, �base 327 V
Current, �base 38.2 A
Frequency, ωbase 100π rad/s
Impedance, Dbase 8.6 Ω
Inductance, #base 27.2 mH
Capacitance, �base 0.37 mF
Flux, ψbase 1.04 Wb
Power, �base 18.7 kVA
#�������
�����
�������<�������
���+ #5���
�� #�#5���
���% #�#5���
���*
#1 1.68 mH = 0.062 pu 1.68 mH = 0.062 pu 1.12 mH = 0.041 pu
!1 0.04 Ω = 0.005 pu 0.04 Ω = 0.005 pu 0.027 Ω = 0.003 pu
#2 1.0 mH = 0.037 pu 0.56 mH = 0.021 pu
!2 0.03 Ω = 0.003 pu 0.013 Ω = 0.002 pu
� 33 µF = 0.089 pu 33 µF = 0.089 pu
�dc 1.1 mF = 2.96 pu

Table B.2: Data of the laboratory test system 2 (rectifier 1 in parallel system).

������
���
�
�+
Nominal apparent power, �n 53.3 kVA
Nominal input voltage, C2n 400 V
Nominal current, �1n 77 A
Nominal frequency, �s 50 Hz
Switching frequency (average), �sw 4 kHz
)����������+
Voltage, �base 327 V
Current, �base 109 A
Frequency, ωbase 100π rad/s
Impedance, Dbase 3.0 Ω
Inductance, #base 9.55 mH
Capacitance, �base 1.06 mF
Flux, ψbase 1.04 Wb
Power, �base 53.5 kVA
#�������
�����
�������<�������
���+ #5���
�� #�#5���
��
#1 0.81 mH = 0.085 pu 0.54 mH = 0.062 pu
!1 0.03 Ω = 0.01 pu 0.02 Ω = 0.007 pu
#2 0.27 mH = 0.037 pu
!2 0.01 Ω = 0.003 pu
� 60 µF = 0.057 pu
�dc 3.2 mF = 3.02 pu
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Table B.3: Data of the laboratory test system 3 (rectifier 2 in parallel system).

������
���
�
�+
Nominal apparent power, �n 34.6 kVA
Nominal input voltage, C2n 400 V
Nominal current, �1n 50 A
Nominal frequency, �s 50 Hz
Switching frequency (average), �sw 4 kHz
)����������+
Voltage, �base 327 V
Current, �base 71 A
Frequency, ωbase 100π rad/s
Impedance, Dbase 4.6 Ω
Inductance, #base 14.7 mH
Capacitance, �base 0.69 mF
Flux, ψbase 1.04 Wb
Power, �base 34.6 kVA
#�������
�����
�������<�������
���+ #5���
�� #�#5���
��
#1 1.16 mH = 0.079pu 0.66 mH = 0.045 pu
!1 0.04 Ω =  0.009 pu 0.02 Ω = 0.004 pu
#2 0.50 mH = 0.034 pu
!2 0.02 Ω =  0.004 pu
� 30 µF = 0.043 pu
�dc 2.1 mF = 3.04 pu
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On the basis of the previous work of Burzanowska and Pohjalainen (1990) for the simulation of

the variable-speed electrical motor drive, the CFC PWM rectifier simulator has been developed.

The simulator has been programmed in C-language. Since C-language is a pure compiled

language, fast simulator is obtained. This allows a very short time steps for the discrete

simulation, thus improving the accuracy of the simulator. Another benefit from the using of the

C-language-based simulation environment is that once the control algorithm has been coded

into the simulator, it is then almost directly usable for the actual DSP-based implementation.

The main parts of the simulator are the DC link model, the rectifier bridge model, the line filter

model, the grid model and the converter-flux-based control (CFC). Unidealities of the power

switches, such as threshold voltages and conducting resistances are included in the model of the

rectifier bridge. Commutations between the free-wheeling diodes and transistors are assumed to

occur ideally.

Line filter part is based on the stationary reference frame differential equation models, where

the converter and line voltages are inputs and currents (and capacitor voltages in the case of

LCL-filter) are outputs. The differential equations are numerically solved by using the fourth

order Runge-Kutta method and the time step of 5 µs. In Fig. C.1 the block diagram

representation of the simulation program in shown. A flowchart of the simulator is presented in

Fig. C.2.

INPUT FILE
MANAGEMENT
- EXCEL

INPUT
FILE

INIT

VARGEN

SCREEN

OUTPUT FILE
MANAGEMENT
- EXCEL

OUTPUT
FILE

SCREEN
CONTROL

INITIAL
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TIME
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DATA
MANAGEMENT
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MANAGEMENT

SUPPLY
NETWORK

LINE
FILTER
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LOAD
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�dc �dc

CONTROL

�1
s �1

s

�2
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�dc,ref
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MEASUREM.

SWITCHING
SIGNALS

Fig. C.1: Block diagram of the CFC PWM rectifier simulator.
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start

input data.csv

initialisations

i/o routines

write output=1
output.csv

yes no

break simulation
yes no

function generation

DC link

rectifier bridge

supply network

line filter

diff. equation solver

counter = 5
yes no

control tasks

time increment

simulation time > time max
yes no

end

end

Fig. C.2: Flowchart of the CFC PWM rectifier simulator.
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Another simulation model of the converter-flux-based controlled PWM rectifier has been

realised with Simulink program. The main parts of the simulator are exactly the same as in the

C-language simulator, but the working with Simulink is quite different. In our approach the

continuous-time parts of the system − DC link, rectifier bridge, line filter and grid − are

modelled as block diagrams using Simulink’s graphical user interface. The discrete-time control
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tasks are coded as a s-function in MATLAB
®’s own programming language and it is called and

executed according to the sampling rate of the control system. This approach allows fast and

easy model building without formulation of differential equations in programming language and

resembles the structure of the real system. Numerous integration methods of Simulink provides

very accurate simulation of nonlinear, stiff and discontinuous dynamic systems. All MATLAB

functions and toolboxes are also immediately accessible for analysing and visualising the

simulation results. The block diagram of the Simulink simulation model of the CFC PWM

rectifier is depicted in Fig. C.3.

Fig. C.3: Simulink simulation model of the CFC PWM rectifier. The model is hierarchical, so that each
subsystem contains smaller blocks or other subsystems.
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Page 48, line 3 from the bottom … unpublished results includes … … unpublished results include …

Page 49, line 6 from the bottom … converter voltage �1. … converter voltage s
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Page 53, line 13 from the top An appropriately signal … An appropriate signal …

Page 71, line 10 from the top … and the acitive power. … and the active power.
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